
 

Linköping Studies in Science and Technology 

Dissertations, No. 1399 

CMOS RF Power Amplifiers 

for Wireless Communications 

Jonas Fritzin 

 

 

Department of Electrical Engineering 

Linköpings universitet, SE-581 83 Linköping, Sweden 

Linköping 2011 

 

ISBN 978-91-7393-059-8 

ISSN 0345-7524 



ii 

 

CMOS RF Power Amplifiers for Wireless Communications 

Jonas Fritzin 

 

Copyright © Jonas Fritzin, 2011 

ISBN: 978-91-7393-059-8 

 

Linköping Studies in Science and Technology 

Dissertations, No. 1399 

ISSN: 0345-7524 

 

Electronic Devices 

Department of Electrical Engineering 

Linköping University 

SE-581 83 Linköping 

Sweden 

 

 

 

Cover image: 

The cover image demonstrates the idea of outphasing.  

 

 

 

 

 

Printed by LiU-Tryck, Linköping University 

Linköping, Sweden, 2011 

 

 

 

 



 

iii 

Abstract 

The wireless market has experienced a remarkable development and growth since 

the introduction of the first modern mobile phone systems, with a steady increase in the 

number of subscribers, new application areas, and higher data rates. As mobile phones 

and wireless connectivity have become consumer mass markets, the prime goal of the 

IC manufacturers is to provide low-cost solutions. 

The power amplifier (PA) is a key building block in all RF transmitters. To lower 

the costs and allow full integration of a complete radio System-on-Chip (SoC), it is 

desirable to integrate the entire transceiver and the PA in a single CMOS chip. While 

digital circuits benefit from the technology scaling, it is becoming harder to meet the 

stringent requirements on linearity, output power, bandwidth, and efficiency at lower 

supply voltages in traditional PA architectures. This has recently triggered extensive 

studies to investigate the impact of different efficiency enhancement and linearization 

techniques, like polar modulation and outphasing, in nanometer CMOS technologies. 

This thesis addresses the potential of integrating linear and power-efficient PAs in 

nanometer CMOS technologies at GHz frequencies. In total eight amplifiers have been 

designed - two linear Class-A PAs, two switched Class-E PAs, and four Class-D PAs 

linearized in outphasing configurations. Based on the outphasing PAs, amplifier models 

and predistorters have been developed and evaluated for uplink (terminal) and downlink 

(base station) signals. 

The two linear Class-A PAs with LC-based and transformer-based input and 

interstage matching networks were designed in a 65nm CMOS technology for 2.4GHz 

802.11n WLAN. For a 72.2Mbit/s 64-QAM 802.11n OFDM signal with PAPR of 

9.1dB, both PAs fulfilled the toughest EVM requirement in the standard at average 

output power levels of +9.4dBm and +11.6dBm, respectively. The two PAs were among 

the first PAs implemented in a 65nm CMOS technology.  
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The two Class-E PAs, intended for DECT and Bluetooth, were designed in 130nm 

CMOS and operated at low ‘digital’ supply voltages. The PAs delivered +26.4 and 

+22.7dBm at 1.5V and 1.0V supply voltages with PAE of 30% and 36%, respectively. 

The Bluetooth PA was based on thin oxide devices and the performance degradation 

over time for a high level of oxide stress was evaluated. 

The four Class-D outphasing PAs were designed in 65nm, 90nm, and 130nm CMOS 

technologies. The first outphasing design was based on a Class-D stage utilizing a 

cascode configuration, driven by an AC-coupled low-voltage driver, to allow a 5.5V 

supply voltage in a 65nm CMOS technology without excessive device voltage stress. 

Two on-chip transformers combined the outputs of four Class-D stages. At 1.95GHz the 

PA delivered +29.7dBm with a PAE of 26.6%. The 3dB bandwidth was 1.6GHz, 

representing state-of-the-art bandwidth for CMOS Class-D RF PAs. After one week of 

continuous operation, no performance degradation was noticed. The second design was 

based on the same Class-D stage, but combined eight amplifier stages by four on-chip 

transformers in 130nm CMOS to achieve a state-of-the-art output power of +32dBm for 

CMOS Class-D RF PAs. Both designs met the ACLR and modulation requirements 

without predistortion when amplifying uplink WCDMA and 20MHz LTE signals.  

The third outphasing design was based on two low-power Class-D stages in 90nm 

CMOS featuring a harmonic suppression technique, cancelling the third harmonic in the 

output spectrum which also improves drain efficiency. The proposed Class-D stage 

creates a voltage level of VDD/2 from a single supply voltage to shape the drain voltage, 

uses only digital circuits and eliminates the short-circuit current present in inverter-

based Class-D stages. A single Class-D stage delivered +5.1dBm at 1.2V supply voltage 

with a drain efficiency and PAE of 73% and 59%, respectively. Two Class-D stages 

were connected to a PCB transformer to create an outphasing amplifier, which was 

linear enough to amplify EDGE and WCDMA signals without the need for 

predistortion.  

The fourth outphasing design was based on two Class-D stages connected to an on-

chip transformer with peak power of +10dBm. It was used in the development of a 

behavioral model structure and model-based phase-only predistortion method suitable 

for outphasing amplifiers to compensate for both amplitude and phase mismatches. In 

measurements for EDGE and WCDMA signals, the predistorter improved the margin to 

the limits of the spectral mask and the ACLR by more than 12dB. Based on a similar 

approach, an amplifier model and predistortion method were developed and evaluated 

for the +32dBm Class-D PA design using a downlink WCDMA signal, where the 

ACLR was improved by 13.5dB. A least-squares phase predistortion method was 

developed and evaluated for the +30dBm Class-D PA design using WCDMA and LTE 

uplink signals, where the ACLR was improved by approximately 10dB. 
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Populärvetenskaplig sammanfattning 

Trådlös kommunikation har sedan de första moderna mobiltelefonsystemen 

introducerades upplevt en enastående utveckling med ett ständigt ökande antal 

abonnenter, nya användningsområden och högre datahastigheter. Då mobiltelefoner och 

trådlösa apparater med radiokommunikation har blivit en massmarknad för konsumenter 

är det ytterst viktigt för tillverkare att ta fram små och billiga lösningar. 

Effektförstärkaren är ett mycket viktigt byggblock i alla radiosändare. 

Effektförstärkaren sitter innan antennen och ser till att signalen blir tillräckligt stark för 

att sändas allt från ett tiotal meter, t.ex. Bluetooth, till tiotals kilometer, t.ex. GSM. För 

att minska kostnaden och nå målet med en full integrering av en komplett radio på ett 

chip (System-on-Chip, SoC) är det önskvärt att integrera hela kombinationen av sändare 

och mottagare, sändtagaren (transceiver på engelska), tillsammans med effekt-

förstärkaren på samma CMOS-chip.  

Medan digitala kretsar drar fördel av miniatyriseringen av transistorerna i CMOS 

blir det allt svårare att nå de tuffa kraven på linjäritet, uteffekt, bandbredd och 

energieffektivitet i effektförstärkaren då allt lägre spänningar används för att inte skada 

transistorerna. För att öka datahastigheten i trådlös kommunikation används numer både 

amplitud- och fasmodulering, vilket leder till dålig energieffektivitet med traditionella 

förstärkararkitekturer. Detta har lett till att man intresserat sig för att utvärdera nya 

kretstekniker och designmetoder för att kunna nå den önskade prestandan i 

effektförstärkare implementerade i CMOS.  

Den här avhandlingen utvärderar potentialen i att integrera linjära och högeffektiva 

effektförstärkare och effektförstärkar-arkitekturer i CMOS-teknologier vid GHz-

frekvenser. Totalt sett har åtta förstärkare konstruerats och utvärderats - varav två är 

linjära klass-A-förstärkare, två switchade klass-E-förstärkare samt fyra klass-D-

förstärkare med konstant amplitud på utsignalen. Klass-D-förstärkarna har linjäriserats 
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genom outphasing-tekniken där två fasmodulerade signaler med konstant amplitud 

förstärks av två högeffektiva förstärkare, vars utsignaler läggs ihop för att skapa en 

amplitud-modulerad signal. Förutom förstärkarna, som byggts i 65nm, 90nm och 

130nm CMOS-teknologier, har korrigeringsmetoder utvecklats och utvärderats för 

signaler för både mobiltelefoner och basstationer.  
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130nm CMOS, also evaluated from a reliability perspective. 

• Design and implementation of a high-voltage Class-D stage used in two fully 

integrated PA designs in 65nm and 130nm CMOS with output powers larger 

than +30dBm and with large bandwidths. 

• Design, analysis, and implementation of a Class-D stage with 3rd harmonic 

suppression, short-circuit current elimination, and improvement in drain 

efficiency. 

• Development of Class-D outphasing amplifier behavioral models and 

predistorters, verified and evaluated in measurements on a low-power 

outphasing RF amplifier with on-chip transformer in 90nm CMOS and a fully 

integrated +32dBm PA. 

• Development of a phase predistortion method with a least-squares parameter 

estimator suitable for outphasing PAs. The predistortion method was evaluated 
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Chapter 1 

Introduction 

1.1 Motivation and Scope of This Thesis 

The wireless market has experienced a remarkable development and growth since 

the introduction of the first modern mobile phone systems, with a steady increase in the 

number of subscribers, new application areas, and higher data rates. As mobile phones 

and integration of wireless connectivity have become consumer mass markets, the 

prime goal of the IC manufacturers is to provide low-cost solutions.  

CMOS has for a long time been the choice for digital integrated circuits due to its 

high level of integration, low-cost, and constant enhancements in performance. The RF 

circuits have typically been predominantly designed in GaAs [1] and silicon bipolar, 

due to the better performance at radio frequencies. However, due to the significant 

scaling of the MOS transistors, the transition frequency has reached over 100GHz. 

Along with the enhancements in speed, the MOS transistors have become popular to use 

for RF applications. The digital baseband circuits have successfully been integrated in 

CMOS, as well as most radio building blocks, and the last part to be efficiently 

integrated in CMOS is the Power Amplifier (PA). To lower the cost and to achieve full 

integration of a radio System-on-Chip (SoC), it is desirable to integrate the entire 

transceiver and the PA in a single CMOS chip. Since the PA often is the most power 

hungry component in the transmitter, it is important to minimize the power consumption 

to achieve a highly power-efficient and to extend battery life-time of portable devices. 

With a high efficiency, the heat dissipation of the devices is reduced, lowering the 

requirements and cost of the packaging of the IC.  
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While digital circuits benefit from the technology scaling, it is becoming harder to 

meet the stringent requirements on linearity, output power, bandwidth, and efficiency at 

lower supply voltages in traditional PA architectures. This has recently triggered 

extensive studies to investigate the impact of different efficiency enhancement and 

linearization techniques, like polar modulation and outphasing, in nanometer CMOS 

technologies. 

This thesis addresses the potential of integrating linear and power-efficient PAs in 

nanometer CMOS technologies at GHz frequencies. In total eight amplifiers have been 

designed - two linear Class-A PAs, two switched Class-E PAs, and four Class-D PAs 

linearized in outphasing configurations. Based on the outphasing PAs, amplifier models 

and predistorters have been developed and evaluated for uplink (terminal) and downlink 

(base station) signals. 
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1.2 Organization of This Thesis 

This thesis is organized into two parts: 

• Part I - Background  

• Part II - Papers 

Part I provides the background for the concepts used in the papers.  

Chapter 1 discusses the background of RF technology, history of integrated circuits, 

and future challenges in RF CMOS circuit design with emphasis on PA design.  

Chapter 2 treats the operation of the transistor and intrinsic/extrinsic parasitics. 

Chapter 3 introduces concepts and definitions used in PAs and describe the 

fundamental operation of the amplifier classes used in the papers.  

Chapter 4 describes the matching techniques for PAs, specifically targeting the PAs 

in Paper 1 and Paper 2.  

Chapter 5 introduces two major linearization and efficiency enhancements 

techniques for switched amplifiers, i.e. polar modulation and outphasing. Class-D and 

outphasing RF PA implementations are presented in Paper 5 - Paper 9. This chapter 

also provides an introduction to the predistortion methods presented in Paper 8, Paper 

10, and Paper 11.  

Chapter 6 discusses the major breakdown mechanisms of MOS devices from a 

circuit designer’s perspective. This chapter serves as a background for the PA 

implementations in Paper 3 - Paper 6. 

Chapter 7 concludes the thesis and suggests further areas to be investigated. 

In Part II the papers included in this thesis are presented in full. 

1.3 Summary of Papers 

The two linear PAs, presented in Paper 1 and Paper 2, have been designed in a 

65nm CMOS technology, targeting the 2.4GHz 802.11n WLAN standard. The PAs are 

two-stage amplifiers with LC-based and transformer-based input and interstage 

matching networks, respectively. For a 72.2Mbit/s 64-QAM 802.11n OFDM signal with 

PAPR of 9.1dB, both PAs fulfilled the toughest EVM requirement at average output 

power levels of +9.4dBm and +11.6dBm, respectively. The PAs were among the first 

PAs implemented in a 65nm CMOS technology. 

Two Class-E PAs intended for DECT and Bluetooth, presented in Paper 3 and 

Paper 4, have been designed in 130nm CMOS and operated at low ‘digital’ supply 

voltages. At 1.5V supply voltage and 1.85GHz, the DECT PA delivered +26.4dBm of 

output power with a drain efficiency (DE) and power-added efficiency (PAE) of 41% 

and 30%, respectively. At 1.0V supply voltage and 2.45GHz, the Bluetooth PA 

delivered +22.7dBm of output power with a DE and PAE of 48% and 36%, 
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respectively. The Bluetooth PA was based on thin oxide devices and the performance 

degradation over time for a high level of oxide stress was evaluated.  

The four Class-D outphasing PAs have been designed in 65nm, 90nm, and 130nm 

CMOS technologies. The first outphasing design, presented in Paper 5, was based on a 

Class-D stage utilizing a cascode configuration, driven by an AC-coupled low-voltage 

driver, to allow a 5.5V supply voltage in a 65nm CMOS technology without excessive 

device voltage stress. Two on-chip transformers combined the outputs of four Class-D 

stages. At 1.95GHz and a 5.5V supply voltage, the output power was +29.7dBm with a 

DE and PAE of 30.2% and 26.6%, respectively. The 3dB bandwidth was 1.6GHz (1.2-

2.8GHz), representing the state-of-the-art bandwidth among published Class-D RF PAs. 

The PA was operated for 168 hours (1 week) without any performance degradation. The 

second design, presented in Paper 6, was based on the same Class-D stage as the first 

design, but combined eight amplifier stages by utilizing four on-chip transformers in a 

130nm CMOS technology. At 1.85GHz and 5.5V supply voltage, the output power was 

+32dBm with a DE and PAE of 20.1% and 15.3%, respectively. The peak output power 

of +32dBm represents the state-of-the-art output power among published Class-D RF 

PAs. Both designs met the ACLR and modulation requirements without predistortion 

when amplifying uplink WCDMA and LTE (20MHz, 16-QAM) signals.  

The third outphasing design was based on two low-power Class-D stages in 90nm 

CMOS featuring a harmonic suppression technique, presented in Paper 7 and analysed 

in Paper 9, cancelling the third harmonic in the output spectrum which also improves 

drain efficiency. The proposed Class-D stage creates a voltage level of VDD/2 from a 

single supply voltage to shape the drain voltage, uses only digital circuits and eliminates 

the short-circuit current present in inverter-based Class-D stages. A single Class-D stage 

delivered +5.1dBm at 1.2V supply voltage with a DE and PAE of 73% and 59%, 

respectively. Two Class-D stages were connected to a PCB transformer to create an 

outphasing amplifier, which was linear enough to amplify EDGE and WCDMA signals 

without the need for predistortion.  

The fourth outphasing design, presented in Paper 8, is based on two Class-D 

amplifier stages connected to an on-chip transformer. The peak power of the amplifier 

was +10dBm and has been used in the development of a behavioral model structure and 

a model-based phase-only predistortion method suitable for Class-D outphasing RF 

amplifiers to compensate for both amplitude and phase mismatches. In measurements at 

2GHz, the predistorter proved to be successful and improved the margin to the limits of 

the EDGE spectral mask at 400kHz and the WCDMA ACLR at 5MHz offset by 12.2-

12.4dB. Based on a similar approach, presented in Paper 10, an amplifier model and 

predistortion method were developed and evaluated for the +32dBm Class-D PA design 

using a downlink WCDMA signal, where the ACLR at 5MHz was improved by 13.5dB. 

In Paper 11, a least-squares phase predistortion method was developed and evaluated 

for the +30dBm Class-D PA design using WCDMA and LTE uplink signals, where the 

ACLR was improved by approximately 10dB. 
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1.4 Brief History of RF Technology, Transistors, and 

Integrated Circuits 

This chapter briefly enlightens the main milestones, which have made the 

electronics and wireless revolution possible. Furthermore, a comparison of 

semiconductor technologies and their current performance will be discussed along with 

their potential performance in the future. 

The initial step towards solid-state devices was taken in 1874, as Ferdinand Braun 

discovered the metal-semiconductor contact, but it took another 51 years (1925) until 

the Field-Effect Transistor (FET) was patented by the physicist Julius Edgar Lilienfeld. 

In 1947, at Bell Labs in the US, a bipolar transistor device was developed by John 

Bardeen, Walter Brattain, and William Shockley, who received the Nobel Prize for their 

invention in 1956. The first integrated circuit (IC) was developed in 1958 by Jack 

Kilby, working at Texas Instruments, and consisted of a transistor, a capacitor, and 

resistors on a piece of germanium [2], [3]. Independent from Kilby, in the following 

year Robert Noyce [4] invented an IC with planar interconnections using 

photolithography and etching techniques still used today. However, it took another few 

years until Frank Wanlass in 1963, at Fairchild Semiconductor, developed the 

Complementary Metal-Oxide-Semiconductor (CMOS) process, which enabled the 

integration of both NMOS and PMOS transistors on the same chip. The first 

demonstration circuits were an inverter and a ring-oscillator [5]. 

In 1965 Gordon Moore, one of Intel’s co-founders, predicted that the number of 

devices would double every twelve months [6]. The prediction was modified in 1975 

[7], such that the future rate of increase in complexity would rather double every two 

years instead of every year and became known as Moore’s law. In some people’s 

opinion this prediction became a self-fulfilling prophecy that has emerged as one of the 

driving principles in the semiconductor industry, as engineers and researchers have been 

challenged to deliver annual breakthroughs to comply with the “law”. 

Since the ‘70s, the progress in several areas has made it feasible to keep up the pace 

in the electronics development to deliver more reliable, complex, and high-performance 

integrated circuits. A few years ago, Intel announced the first microprocessor with more 

than 2 billion transistors on the same die in a 65nm process [8], which would not have 

been possible without the tremendous scaling of CMOS transistors. However, with the 

transistor scaling, the issues with leakage become troublesome in traditional planar 

CMOS transistors, but have been reduced in new transistors like the three-dimensional 

FinFETs [9].  

As mass-consumer products require a low manufacturing cost, silicon have been 

preferred as semiconductor material, as it has been possible to integrate more and more 

functionality along with a constant increase of performance. Without the scaling of both 

transistors and the cost of manufacturing of CMOS transistors, high-technology 
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products like portable computers and mobile phones would probably not have been 

mass-consumer markets [10].  

The birth of wireless communication is dated to 1895, when Guglielmo Marconi 

managed to transmit a radio signal for more than a kilometer with a spark-gap 

transmitter, which was followed up by the first transatlantic radio transmission in 1902. 

The first analog mobile phone system in Scandinavia, Nordic Mobile Telephone System 

(NMT), appeared in the early 1980s. The NMT system was succeeded by the GSM 

system (Global System for Mobile communications; originally Groupe Spécial Mobile) 

in the ‘90s, which has been followed by several new standards for long and short 

distance communications. The evolution from the GSM system in the ‘90s with raw 

data rates of some kbps to today’s high-speed WLAN and LTE standards with data rates 

of several 100Mbps has made it feasible to not only transmit voice data, but also 

transmit and receive pictures and movies. The significant increase in data rates has been 

viable through several enhancements, not only on the device level, but also through the 

development of more complex modulation schemes. They have evolved from Gaussian 

Minimum-Shift Keying (GMSK) modulation used in GSM to amplitude and phase 

modulations with large Peak-to-Average Power Ratio (PAPR) as in the WLAN and the 

LTE systems to support higher data rates, requiring highly linear transmitters. The radio 

architectures have evolved into architectures called transceivers, including both the 

transmitter and receiver sections. The digital baseband (DB) circuits, the local oscillator 

(LO), the mixer, the low-noise amplifiers (LNA) [11], the analog-to-digital converters 

(ADC), and the digital-to-analog converters (DAC) have successfully been 

implemented in CMOS and BiCMOS technologies [12]. However, one of the most 

challenging building blocks to efficiently integrate in CMOS is the PA. It has been 

predominantly designed in other technologies due to the higher efficiency [1], like 

GaAs HBTs [13] and Metal-Semiconductor Field Effect Transistors (MESFET) [14], Si 

BJT or SiGe HBT [15] for mobile handsets. One of the first CMOS RF PAs capable of 

delivering 1W of output power was presented in 1997 and implemented in a 0.8µm 

technology operating at 824-849MHz [16]. In the following year, a PA in a 0.35µm 

technology was presented and operated at 2GHz with an output power of 1W [17].  

1.5 Future Possibilities and Challenges 

Since the early '90s, silicon devices have had good enough performance for 

transceiver design [18]. By combining the low cost and integration capabilities of 

CMOS/BiCMOS, these technologies will make them the choice of RF transceivers with 

fully-integrated PAs, as long as RF and system design goals can be achieved. Figure 1.1 

[19] shows an application spectrum and what semiconductors are likely to be used in 

certain frequency ranges. The application spectrum is currently predicted up to 100GHz, 

but both Indium Phosphide (InP) High Electron Mobility Transistor (HEMT) and 

Gallium Arsenide (GaAs) Metamorphic High Electron Mobility Transistor (MHEMT) 

have shown acceptable performance in the THz regime and can be expected to 

continuously dominate for extremely high frequency applications.  



1.6 Semiconductor Materials 9  

  

The main drivers of wireless communications systems today are cost, frequency 

bands, power consumption, functionality, size, volume of production, and standards. As 

wireless functionality has been integrated into more and more applications and entered 

mass-consumer markets, silicon-based technologies have continuously replaced the 

traditional III-V semiconductors when acceptable RF performance has been met. In 

PAs, the discussion will regard output power, linearity, efficiency, bandwidth, and 

integration. Currently, the market of WLAN transceivers is dominated by CMOS, 

where fully-integrated solutions, including the PA, have been presented [20]-[22]. 

Silicon-based technologies will be the choice for high volume and cost sensitive 

markets, but is not expected to be the choice when the key demands are very high gain, 

very high output power, and extremely low noise. 

1.6 Semiconductor Materials 

1.6.1 Scaling Trend of CMOS 

As shown in Figure 1.1 a number of semiconductor materials exist, which are 

suitable for RF circuit design. Considering the scaling trend of MOS device in Table 

1-1, we can foresee almost a reduction of two of the gate oxide thickness and a 

reduction of four of the gate length for the thin oxide devices in the next ten years [18], 

leading to potentially extreme fT. To meet the high output power requirements in PAs a 

large supply voltage is desirable. Thus it is likely to use the thick oxide (I/O) devices or 

a combination of both devices in PA design. The trend for the thick oxide devices is not 

as extreme as for the thin oxide devices, as they are expected to have an oxide thickness 

of 2.6nm in ten years, comparable to existing thick oxide devices today. 

 

Figure 1.1: Application spectrum and semiconductors likely to be used today [19] 
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1.6.2 Comparison of Silicon and Other Semiconductors  

As GaAs was one of the first semiconductors used in RF design and is still used in 

most terminal PAs, a short comparison of the specific properties of III-V compounds 

and silicon is given here. Table 1-2 shows the key characteristics of the basic materials 

of the most common MMIC technologies. 

Considering the carrier velocity and mobility, they are higher for the electrons than 

for the holes. The difference between electrons and holes is much larger in III-V devices 

(e.g. GaAs) than for silicon devices [12], but the carrier velocity and mobility of 

electrons are lower for silicon devices. Due to the large difference in complementary 

III-V devices and the lower hole carrier velocity and mobility in GaAs, silicon 

technologies are better suited when it comes to high speed complementary logic. 

However, for high-speed circuits n-based GaAs devices are advantageous as long as no 

complementary devices are needed. 

Another important parameter when considering complementary logic is the thermal 

conductivity as listed in Table 1-2. If the parameter is low, it implies issues to dissipate 

heating. Considering the two billion-transistor processor [8], a good thermal 

conductivity of the substrate material is necessary in order to make sure that the chip is 

not overheated. The comparable integration level in GaAs is typically limited to 

approximately 1000 transistors [12]. 

A parameter not beneficial in the silicon case is the substrate resistivity, which is 

TABLE 1-1: PREDICTED CMOS SCALING BY ITRS [18] 

Year of production 2010 2013 2016 2019 2022 

Technology node [nm] 45 32 22 16 11 

Thin oxide device      

- Nominal VDD [V] 1.0 1.0 0.8 0.8 0.7 

- tox [nm] 1.5 1.2 1.1 1.0 0.8 

- Peak fT [GHz] 280 400 550 730 870 

- Peak fmax [GHz] 340 510 710 960 1160 

- Ids [µµµµA/µµµµm]: min L 8 6 4 3 2 

Thick oxide device      

- Nominal VDD [V] 1.8 1.8 1.8 1.5 1.5 

- tox [nm] 3 3 3 2.6 2.6 

- Peak fT [GHz] 50 50 50 70 70 

- Peak fmax [GHz] 90 90 90 120 120 

Passive elements for PAs      

- Inductor Q [1GHz, 5nH] 14 18 18 18 18 

- Capacitor Q [1GHz, 10pF] >100 >100 >100 >100 >100 

- RF cap. density [fF/µm2] 5 7 10 10 12 



1.6 Semiconductor Materials 11  

  

relatively low compared to the III-V semiconductors, and degrades the quality factor of 

integrated passives [23]. In Table 1-1 the predicted quality factors at 1GHz are given for 

on-chip inductors and capacitors, and as seen in the table, the inductors will continue to 

be a limiting factor in on-chip matching networks.  

A common argument to use silicon and CMOS is cost, as previously discussed, and 

the relative speed performance between the electron and hole carrier based devices 

makes silicon a preferable choice for complementary logic. To further reduce the cost, 

the PA can be integrated with the CMOS transceiver. While BiCMOS solves the 

integration of the PA and with better RF performance of the bipolar devices compared 

to the MOSFET devices, it has an approximately 20% higher mask count and therefore 

also a higher price for the same technology node [1]. Typically, GaAs have lower masks 

costs since less processing steps are needed, but considering yield aspects and that 

CMOS processes can use larger wafers, make CMOS processes favorable in mass 

fabrication [12]. Thus, a major benefit of using CMOS PAs is the possibility of full 

integration. 

TABLE 1-2: COMPARISON OF MMIC TECHNOLOGIES [12], [24] 

 Silicon SiC InP GaAs GaN 

Electron mobility at 

300K [cm2/Vs] 

1500 700 5400 8500 1000-2000 

Hole mobility at 300K 

[cm2/Vs] 

450 n.a 150 400 n.a. 

Peak/saturated electron 

velocity [107 cm/s] 

1.0/1.0 2.0/2.0 2.0/2.0 2.1/n.a 2.1/1.3 

Peak/saturated hole 

velocity [107 cm/s] 

1.0/1.0 n.a n.a n.a n.a 

Bandgap [eV] 1.1 3.26 1.35 1.42 3.49 

Critical breakdown field 

[MV/cm] 

0.3 3.0 0.5 0.4 3.0 

Thermal conductivity  

[W/(cm K)] 

1.5 4.5 0.7 0.5 >1.5 

Substrate resistivity 

[Ωcm] 

1-20 1-20 >1000 >1000 >1000 

Number of transistors in 

IC 

>1 billion <200 <500 <1000 <50 

Transistors MOSFET, 

Bipolar, 

HBT, 
LDMOS 

MESFET, 

HEMT 

MESFET, 

HEMT, HBT 

MESFET, 

HEMT, HBT 

MESFET, 

HEMT 

Costs prototype,   

mass fabrication 

High,  

low 

Very high, 

n.a. 

High,  

very high 

Low,  

high 

Very high, 

n.a. 
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The historical trend of CMOS scaling has enabled high-speed CMOS devices, as 

seen in Table 1-1, and the trend is expected to continue, but at the expense of lower 

supply voltages. The supply voltage and the associated RF output power of III-V 

technologies are larger [12], [15]. Therefore these technologies have dominated the 

market of terminal PAs [25]. For higher output power, SiC, GaN, and also LDMOS 

have superior performance over the other devices, due to the larger supply voltage and 

thermal conductivity, but these technologies a lower level of integration.  

Even if high-performance CMOS-based GSM/GPRS [26], GSM/EDGE [27], and 

WCDMA [28] PAs, as well as fully-integrated WLAN CMOS transceivers with 

integrated front-ends [20]-[22] have been reported, further research is needed in the 

field of CMOS power amplifiers. Challenges are the limitations on the supply voltage, 

posing challenges to meet the requirements on linearity, output power, bandwidth, and 

efficiency.    

1.7 References 

[1] S. Bennett, R. Brederlow, J.C. Costa, P.E. Cottrell, W.M. Huang, A.A. 

Immorlica, J.-E. Mueller, M. Racanelli, H. Shichijo, C.E. Weitzel, B. Zhao, 

“Device and Technology Evolution for Si-Based RF Integrated Circuits,” IEEE 

Transactions on Electron Devices, vol. 52, no. 7, pp. 1235-1258, July 2005. 

[2] J.S. Kilby, “Origins of the Integrated Circuit,” International Symposium on 

Silicon Materials Science and Technology, vol. 98-1, pp. 342-349, 1998. 

[3] J.S. Kilby, US Patent #3,138,743, filed February 6, 1959. 

[4] R. Noyce, US Patent #2,981,877, filed July 30, 1959. 

[5] F. Wanlass, C. Sah, “Nanowatt logic using field-effect metal-oxide 

semiconductor triodes,” IEEE International Solid-State Circuits Conference 

(ISSCC) Digest, pp. 32-33, February 1963. 

[6] G.E. Moore, “Cramming more components onto integrated circuits”, 

Electronics, vol. 38, no. 8, pp. 114-117, April 1965. 

[7] G.E. Moore, “Progress in Digital Integrated Electronics”, Technical Digest of 

International Electron Devices Meeting, p. 11-13, 1975. 

[8] Intel, http://www.intel.com, accessed May 2009. 



1.7 References 13  

  

[9] F. He, X. Zhou, C. Ma, J. Zhang, Z. Liu, W. Wu, X. Zhang, L. Zhang, 

"FinFET: From compact modeling to circuit performance," IEEE International 

Conference of Electron Devices and Solid-State Circuits (EDSSC), pp. 1-6, 

December 2010.  

[10] S. Zhou, “Integration and Innovation in the Nanoelectronics Era,” IEEE 

International Solid-State Circuits Conference (ISSCC) Digest, pp. 36-41, 

February 2005. 

[11] R. Ramzan, S. Andersson, J. Dabrowski, C. Svensson, “A 1.4V 25mW 

Inductorless Wideband LNA in 0.13um CMOS,” IEEE International Solid-

State Circuits Conference (ISSCC) Digest, pp. 424-425, February 2007.  

[12] F. Ellinger, Radio Frequency Integrated Circuits and Technologies, Berlin, 

Germany: Springer, Second Edition, 2008. 

[13] SKY77328 iPAC
TM

 PAM for Quad-Band GSM/GPRS, Skyworks. 

[14] A. Raghavan, N. Srirattana, J. Laskar, Modeling and Design Techniques for RF 

Power Amplifiers, Hoboken, New Jersey, USA: John Wiley & Sons Inc., 2008. 

[15] K. Nellis, P.J. Zampardi, “A Comparison of Linear Handset Power Amplifiers 

in Different Bipolar Technologies,” IEEE Journal of Solid-State Circuits, vol. 

39, no. 10, pp. 1746–1754, October 2004. 

[16] D. Su, W. McFarland, “A 2.5-V, 1-W Monolithic CMOS RF Power 

Amplifier,” IEEE Custom Integrated Circuits Conference (CICC) Digest, pp. 

189-192, May 1997. 

[17] K.-C. Tsai, P. Gray, “A 1.9GHz 1W CMOS Class E Power Amplifier for 

Wireless Communications,” IEEE European Solid-State Circuits Conference 

(ESSCIRC), pp. 76-79, 1998. 

[18] International Technology Roadmap for Semiconductors (ITRS), 2007 Edition 

– Radio Frequency and Analog/Mixed-Signal Technologies for Wireless 

Communications, http://www.itrs.net/, accessed May 2009. 

[19] International Technology Roadmap for Semiconductors (ITRS), 2009 Edition 

– Radio Frequency and Analog/Mixed-Signal Technologies for Wireless 

Communications, http://www.itrs.net/, accessed May 2011. 



14  Introduction  

 

[20] O. Degani, M. Ruberto, E. Cohen, Y. Eliat, B. Jann, F. Cossoy, N. Telzhensky, 

T. Maimon, G. Normatov, R. Banin, O. Ashkenazi, A. Ben Bassat, S. Zaguri, 

G. Hara, M. Zajac, E. Shaviv, S. Wail, A. Fridman, R. Lin, S. Gross, “A 1x2 

MIMO Multi-Band CMOS Transceiver with an Integrated Front-End in 90nm 

CMOS for 802.11a/g/n,” IEEE Solid-State Circuits Conference (ISSCC) 

Digest, pp. 356-357, February 2008. 

[21] R. Chang, D. Weber, M. Lee, D. Su, K. Vleugels, S. Wong, “A Fully 

Integrated RF Front-End with Independent RX/TX Matching and +20dBm 

Output Power for WLAN Applications,” IEEE Solid-State Circuits Conference 

(ISSCC) Digest, pp. 564-565, February 2007. 

[22] S. Abdollahi-Alibeik, D. Weber, H. Dogan, W.W. Si, B. Baytekin, A. 

Komijani, R. Chang, B. Vakili-Amini, M. Lee, H. Gan, Y. Rajavi, H. 

Samavati, B. Kaczynski, S.-M. Lee, S. Limotyrakis, H. Park, P. Chen, P. Park, 

M. S.-W. Chen, A. Chang, Y. Oh, J. J.-M. Yang, E. C.-C. Lin, L. Nathawad, 

K. Onodera, M. Terrovitis, S. Mendis, K. Shi, S. Mehta, M. Zargari, D. Su, “A 

65nm Dual-Band 3-Stream 802.11n MIMO WLAN SoC”, IEEE Solid-State 

Circuits Conference (ISSCC) Digest, pp. 170-171, February 2011. 

[23] B.A. Floyd, C.-M. Hung, K.K. O, “The Effects of Substrate Resistivity on RF 

Component and Circuit Performance,” IEEE International Interconnect 

Technology Conference, pp. 164-166, June 2000. 

[24] L.F Eastman, U.K. Mishra, “The toughest transistor yet,” IEEE Spectrum, pp. 

28-33, May 2002. 

[25] M.J. Franco, "Mobile handset power amplifiers," IEEE Microwave Magazine, 

vol. 10, no. 7, pp.16-19, December 2009. 

[26] I. Aoki, S. Kee, R. Magoon, R. Aparicio, F. Bohn, J. Zachan, G. Hatcher, D. 

McClymont, A. Hajimiri, “A Fully-Integrated Quad-Band, GSM/GPRS CMOS 

Power Amplifier,” IEEE Journal of Solid-State Circuits, vol. 43, no. 12, pp. 

2747-2758, December 2008. 

[27] W. Kim, K.S. Yang, J. Han, J. Chang, C.-H. Lee, “An EDGE/GSM Quad-

Band CMOS Power Amplifier,” IEEE Solid-State Circuits Conference 

(ISSCC) Digest, pp. 430-431, February 2011. 

[28] Black Sand Technologies, www.blacksand.com  



 

15 

Chapter 2 

CMOS Device Modeling and Parasitics 

2.1 Introduction  

While designing digital and analog integrated circuits, it is obviously important to 

understand the operation of the CMOS device. The DC operation of the device is 

covered in [1] and not discussed in this chapter. In analog circuit design small-signal 

models have found widespread use as it describes the linearized operation of the 

transistor at a specific DC bias point. In this chapter, the small-signal model presented is 

based on [1], taking into account intrinsic capacitances, and also describes what 

extrinsic components should be included. However, notice that in PAs, the transistors 

are operated under large voltage swing, making the devices cross the borders between 

different operating regions. 

2.2 The MOS Device 

2.2.1 Structure 

In this section the operation of an n-channel MOS (NMOS) device is considered 

since the main operation principles of the p-channel MOS (PMOS) device are the same. 

Figure 2.1 shows a simplified structure of an NMOS consisting of two strongly-doped 

‘n’ areas in the substrate called Source (S), and Drain (D). Between the substrate and 

the Gate (G), there is an insulating layer made of silicon dioxide (SiO2). The device is 

located in a p-substrate and is called Bulk (B) or Body, typically connected to the 

lowest potential in the system in order to keep the source/drain junction diodes reverse-
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biased. The region located between the drain and source, and beneath the gate, is called 

the channel, L, even though a channel between the drain and the source only exists 

under certain biasing conditions at the four terminals. Furthermore, the perpendicular 

extension of source and drain terminals, relatively the channel, is denoted as the width, 

W. The thickness of the layer separating the channel and the gate is called tox and has a 

physical thickness of ~1.0-5.0nm in submicron CMOS technologies. 

2.2.2 Small-Signal Model 

2.2.2.1 Intrinsic Model 

The intrinsic small-signal model of a MOS transistor, Figure 2.2a, is obtained by 

independently applying small signal changes at the terminals of the device and 

identifying the changes in charges and currents in the device. By applying very small 

changes of the bias voltages at the device terminals, one at a time, and studying the 

effect on the drain current, an expression for the overall small change on the drain 

current can be expressed as in (2.1). Note that the intrinsic modeling does not include 

the extension of the drain and source, as well as the overlay capacitance between the 

gate, drain, and source shown in Figure 2.3.  

In (2.1) the derivatives were replaced by a number of transconductances and the 

output conductance as defined in (2.2). gm represents the gate transconductance, usually 

just called the transconductance. gmb and gsd represents the substrate transconductance 

and the source-drain conductance, respectively. Depending on how the transistor is 

biased, the transistor operates in different regions, and consequently the computation of 

the parameters depends on in what region the transistor operates. Assuming that the 

transistor operates in the saturation region, the transconductances and the source-drain 

conductance can be computed according to (2.3)-(2.5). Combining the 

transconductances and the intrinsic capacitances of the device a small-signal model can 

be drawn as in Figure 2.2a, where the output conductance is replaced by a resistor [1]. 

However, regarding the transconductances we can conclude that the substrate 

conductance, gmb, only come into play as there is a difference in potential between the 

 

Figure 2.1: Schematic and cross section view of an NMOS transistor 
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source and the substrate. With increasing VDS, the output conductance degrades [1], 

leading to higher output impedance. However, further increasing VDS, the depletion 

region associated with the drain extends further into the substrate and affects the source 

depletion region. Due to this interaction, the difference in potential between drain and 

source is lowered, resulting in lower threshold voltage. This effect is called drain-

induced barrier lowering (DIBL) [2] and counteracts the impact on the output 

impedance, due to the channel-length modulation. Further increase of VDS leads to 

impact ionization, lowering the output impedance [3]. 

These phenomenons are important in analog circuit design, as the output 

conductance is directly related to intrinsic voltage gain of the transistor. In a typical 

power amplifier circuit, the voltage swings are large (especially in the output stage), and 

therefore this phenomenon has an impact on the output impedance of the device. The 

same considerations apply to the intrinsic capacitors of the device and have to be taken 

into account in the transistor model in order to achieve reliable simulation results. 

2.2.2.2 Extrinsic Components 

Extrinsic capacitances exist between all terminals and model effects like overlay 

capacitances, Cov, fringing capacitances, Cfringe, related to the extension of the drain and 

source, Cbottom, and sidewall capacitances, Csidewall, as in Figure 2.3. The capacitances are 

added in parallel to the intrinsic small-signal model as in Figure 2.2b.  

2.2.3 EM-Simulated Parasitics 

While there are many transistor parameters and parasitics, which can be included 

into the transistor model, there are also parasitics that are not directly related to the 

MOS device itself. If the transistor is used in power amplifier applications, the current 

flowing through the transistors may reach several hundred milli-amperes or even 

amperes. Consequently, not only the transistor has to withstand the large currents, but 

also the interconnections around the device. As the current flows between the drain and 

source, one solution is to stack several metal layers on top of each other at the drain and 
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source to meet the current density limitations of the metal traces. This would not only 

lead to a lower electromigration [4], but also to lower resistive voltage drop across the 

interconnections and introduce more capacitive coupling between gate, drain, and 

source as seen in Figure 2.4a. Since not all metal layers are included in the transistor 

model, the additional capacitances and dielectric losses need to be taken into account 

and added to the existing transistor model. The layout parasitics can typically be 

represented as either π or T equivalent circuits [5].  

Considering the cascode amplifier stage in Figure 2.4b, used in Paper 1 and Paper 

2, it would have layout parasitics associated in a similar way as in Figure 2.4a. 

However, instead of inserting π or T equivalent circuits between every two nodes in the 

simulation model of the amplifier, the parasitic connections were approximated with 

series connections of capacitance and resistance between gate, drain, and source at the 
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Figure 2.2: (a) Intrinsic small-signal model of MOS transistor [1] 

(b) Small-signal model with extrinsic elements added 

 

Figure 2.3: Extrinsic capacitances in the MOS transistor 
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frequency of operation. It means that two components, one resistive and one reactive 

component were used instead of six. The values of the parasitic components were 

estimated through electromagnetic simulations and depending on how the signals were 

applied between a pair of terminals, two different extraction formulas, based on the 

impedance (Z) parameters, were used. Equation (2.6) was used for differential signals 

and (2.7) for computation of the input impedance at port 1 [6]. In a similar way the 

signal traces included the series inductance and series resistance, but also the parasitic 

capacitance to the substrate [7]. To improve the model of the cascode stage, parasitic 

inductances should be included as well [8]. Considering the accuracy of the estimated 

parasitic impedances, the single-ended impedance has a very good accuracy since only 

one terminal is excited with a signal. In the differential case, when varying the 

amplitudes of the differential signals and the phases, the error in the simulated current 

between the approximate network and a π or T equivalent circuit representation is kept 

below 20%. Moreover, the parasitic impedance is placed in parallel with the small input 

impedance of the large devices, and the error introduced by photo-lithography effects 

can be as large as 20% in RC extraction from design to fabrication [9].  

2.2.4 Gate Resistance 

To achieve a “complete” model of the device and to accurately predict power gain, 

input and output impedance, and phase delay between the current and the gate voltage, a 

number of resistive components should also be included at the drain, source, gate, and 

substrate. The resistive components at the drain and source typically depend on the 

resistivity in the regions and how the regions are contacted. Substrate resistance can be 
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Figure 2.4: (a) Parasitic capacitances between gate, drain, and source 

(b) Model of cascode stage with parasitics, incl. the vertical gate resistance 
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modeled by a single resistor up to frequencies of 10GHz [10] and as a parallel RC 

circuit for higher frequencies [11]. 

The gate has been made predominantly by silicided poly-silicon with a resistance up 

to 10Ω/☐ [12], Rsq, and the lateral gate resistance, Rg,lateral, can be computed according 

to (2.8). If the gate is connected at one side α becomes 1/3, and if connected at both 

sides, α can be reduced to 1/12 [12]. Another gate resistance component, which has not 

always been taken into account in the transistor models, is a contact resistance [13] 

between the silicide and the poly-silicon in the MOS transistor gate, denoted as Rg,vertical 

in Figure 2.5a. Assuming the contact resistivity is rC, the additional contact resistance 

can be computed according to (2.9). Since the additional contact resistance may be as 

large as the resistance in (2.8) and is expected [13] to be the dominant factor for 

technologies with smaller gate lengths than 0.35µm, it is important to consider the 
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Figure 2.5: (a) Vertical gate resistance 

(b) Circuit to estimate ωT 
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resistive contribution to accurately predict transistor performance at higher frequencies. 

Both resistive contributions are usually represented by a single resistor computed as the 

sum of (2.8) and (2.9) [14], as in the simulation model of the amplifiers in Paper 1 and 

Paper 2. The gate resistance can be significantly reduced by using silicided gates, 

multiple contacts, and splitting the device into several parallel devices. The silicided 

poly-silicon gate has been replaced by metal gates in some recently developed 45nm 

CMOS processes [15]-[17]. The high-k metal-gate makes it possible to fabricate gates 

with physically thicker oxides, but still with improved electrical properties. In [17] a 

reduction in gate leakage of up to >25X has been demonstrated. The improvement in 

reduced gate leakage is very important, as the leakage power has grown to become a 

large portion of the total power consumption [18], [19], in microprocessors [20].  

Two common figure-of-merits (FoM) of the transistors are the transition frequency, 

fT, and maximum oscillation frequency, fmax. The transition frequency is defined as the 

frequency at which the small-signal current gain equals unity as a DC source is 

connected between drain and a grounded source [1] (while neglecting the small current 

through Cgd). An estimation of fT  (2.11) can be made by using the simplified circuit in 

Figure 2.5b. The total capacitance seen at the gate to ground is defined as Cg (2.10), 

including both intrinsic and extrinsic capacitances. fmax is also called unity power gain 

frequency. When computing fmax it is assumed that the transistor is conjugately matched 

at the input and output to compute the unilateral power gain [1], [5], and is defined at 

the frequency as the power gain drops to unity. The relationship [1] between fT and fmax 

is then found in (2.12). From (2.12), we can conclude the dependency of the effective 

gate resistance, R’ge, and how it limits the usefulness of the device. However, as 

concluded in [10], fmax is a small-signal parameter, presuming a conjugate-matched 

output, which is not likely the case in the output stage of a power amplifier [21], as 

discussed in Chapter 4, and can roughly be used in the context of the driver stages 

where the signal levels are smaller. The gate resistance can be reduced by several layout 

techniques as previously described. Impedance matching techniques are treated in 

Chapter 4. 
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Chapter 3 

The RF Power Amplifier 

3.1 Introduction 

This chapter provides the fundamental knowledge and aspects of RF power 

amplifier design. Several performance metrics, like output power, drain efficiency, and 

power-added efficiency are introduced, which are then followed by a description of PA 

classes and how they operate. The PA classes covered are the linear amplifiers, like 

class A, AB, B, (and C), and the switched mode classes D, E, and F.  

3.2 Power Amplifier Fundamentals 

A typical transmitter includes a Digital Baseband (DB), Digital-to-Analog 

Converters (DAC), Mixers (X), two phase-shifted LO signals, followed by the PA, and 

a matching network, including filters. Transmitter configurations are two-step 

transmitters [1], direct-modulation transmitters, and direct-conversion transmitters as 
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Figure 3.1: Block diagram of a direct-conversion transmitter 
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shown in Figure 3.1. The signal to be transmitted, xBB(t) in (3.1), is initially processed 

by the DB and split into the in-phase, I, and quadrature, Q, channels, which are 

upconverted to the RF carrier by the quadrature modulator, usually implemented by two 

mixers and two LO signals with a phase difference of 90 degrees. Since the power of 

the output signal, x(t) in (3.2), from the quadrature modulator usually is too low for 

radio transmission, the signal is amplified by the PA before being fed to the antenna. 

Ideally, the output of the PA is just an amplified version of the quadrature modulator 

output. A detailed description of transceiver design will not be covered by this chapter, 

but has been discussed by a number of authors [2], [3]. 

3.2.1 Output Power 

To define Output Power, Pout, we consider the basic circuit in Figure 3.2, which 

shows a PA with two driver stages connected to a load, RL. The output power is defined 

as the active power delivered to the load, i.e. the antenna, at the fundamental frequency. 

Assuming that the load is purely resistive at the frequencies of interest we can represent 

the load as a resistor, RL. The load impedance can be transformed to have both a higher 

and lower value with an imaginary part by the matching network. This matter will be 

discussed in the next chapter, but for the moment we assume that the load can be 

represented by a resistor.  

Based on the circuit in Figure 3.2, we can define the instantaneous output power at 
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Figure 3.2: Power amplifier (PA) with two driver stages, 

A1 and A2, connected to an antenna 
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any particular moment as Pout,inst (3.5) with an average power of Pout,av (3.6). The PA 

also generates power at frequencies other than at the intended one, but these are 

neglected at the moment. We define Vout,max as the sinusoidal amplitude, A, of the signal 

at the fundamental frequency and Vout,rms as the corresponding rms value. The power 

generated at the fundamental frequency is called Pout (3.7). 

3.2.2 Gain and Efficiency 

Considering the circuit in Figure 3.2 again, we introduce the input RF power, Pin, 

driving the whole amplifier chain. By combining the input power, Pin, and the output 

power, Pout, the Gain, G, can be defined as the ratio of the output power and the input 

power, usually expressed in dB (3.8). 

An important measure of the PA is the efficiency as it directly affects the talk-time 

in handheld devices and has an impact on the electricity bill in base stations. One of the 

efficiency measures is the Drain Efficiency, DE (3.9), which is defined as the ratio 

between the average output power at the fundamental, Pout, and the DC power 

consumption, PDC,drain, of the very last stage in the amplifier chain of the PA. It should 

be noted that the Drain Efficiency is denoted Collector Efficiency for bipolar devices. 

When considering the input power, Pin, needed to drive the amplifier chain, we can 

define another efficiency metric called Power-Added Efficiency [4], PAE (3.10), as the 

input power subtracted from the output power, which is then divided by the total DC 

power consumption, PDC,tot. The total DC power consumption includes the DC power 

consumed at the drain and the total DC power consumed by the amplifier stages A1 and 

A2. 

3.2.3 Peak Output Power, Crest Factor, and Peak to Average 

Power Ratio 

With the development of modulation schemes utilizing both amplitude and phase 

modulation we need to introduce new measures called Crest Factor, CF, and Peak-to-

Average Power Ratio, PAPR. For a signal with envelope profile A(t), the average output 

power, Pout,av, and Peak Envelope Power, PEP, can be defined as in (3.11) and (3.12) 

[5], [6], respectively.  
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The CF is defined as the ratio of the peak voltage to the rms value (3.13), while 

PAPR refers to the ratio of the average output power and the peak output power (3.14) 

and is usually expressed in dB. 

Signals with high PAPR are especially troublesome to transmit from an efficiency point 

of view as the signal requires significant signal headroom such that the peak envelope 

amplitudes are transmitted without significant distortion. Therefore, in conventional 

linear amplifiers there is significant power dissipation as the transistor output stage is 

biased to handle the large power peaks, even though the output power for most of time 

is relatively low compared to the peak power level. 

3.2.4 Power Amplifier Drain Efficiency for Modulated Signals 

The efficiency concept can be further explored for modulated signals [4]. In (3.7) we 

have defined the efficiency for a signal with constant amplitude, A, and therefore the 

instantaneous drain efficiency can be calculated for a specific output voltage amplitude. 

Assuming that the amplitude changes over time, A(t), means that the drain efficiency, 

nd, will also vary over time as in (3.15). The average efficiency over time can be 

calculated as in (3.16). The average efficiency can also be based on the envelope 

probability density function, p(A), which does not require any information about the 

time behavior of the envelope signal (3.17) [4], [7]. 

Consider an ideal Class-A amplifier [8], [9], as in section 3.3.1, with an output RF 

voltage amplitude of A, with a constant DC power, PDC,drain, consumed by the output 

stage. The drain efficiency can be computed for a given ratio of the output amplitude 

and the supply voltage, VDD, as in (3.18). The curve has a quadratic behavior dependent 

on the output amplitude with a maximum efficiency of 50%. Furthermore, considering a 
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transmission of a signal with a PAPR of 10dB, the average efficiency would drop to 5% 

in the ideal case [10]. This simple example shows the need for power efficient PAs 

transmitting signal with high demands on linearity and high efficiency during power 

back-off. 

3.2.5 Linearity 

Several wireless communication standards employ modulation schemes with non-

constant envelopes, which need to be amplified by PAs capable of linear amplification. 

To quantify the level of linearity, or rather, the level of non-linearity, several measures 

exist. Initially, a number of fundamental non-linearity concepts [1] will be introduced, 

followed by a number of application-related non-linearity measures like Spectral Mask, 

Error Vector Magnitude (EVM) and Adjacent Channel Power Ratio (ACPR). 

3.2.5.1 Gain Compression, Harmonics, and Intermodulation 

We return to Figure 3.2, but now to investigate the gain characteristics of the PA. 

The analysis will be limited to memoryless systems, which can be approximated by a 

polynomial (3.19). The analysis will be made up to the fifth order, neglecting higher 

order nonlinearities. Let the input signal, x(t), be transmitted by a differential PA, such 

that the output signal of the PA, y(t), now contains additional components including the 

input signal to the power of three and five. Recall that even order nonlinearities cancel 

if the amplifier is fully differential.  

Assuming that a sinusoidal signal (3.20) is applied to the non-linear system, the 

resultant signal (3.21) now not only contains power at the fundamental frequency 

component. We can see that the first term, the in-band component is distorted by the 

nonlinearities of the PA, but the phase component is unchanged. This explains why 

nonlinear PAs can be used for constant amplitude modulation [11]. If the input 

amplitude (or power) is increased even further, the gain of a PA begins to decline. 

When the gain is 1dB less than the small-signal gain, we define this compression point 
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as the 1dB Compression Point (P-1dB) as in Figure 3.3a. When the output power does 

not further increase due to a higher input power, the PA is said to be saturated and it 

cannot deliver more power regardless of the input power to PA.  

Another source of distortion in amplifiers is intermodulation, which appears when 

two closely located frequencies are transmitted through the PA at the same time (3.22). 

This effect can also be evaluated by the polynomial in (3.19), but for simplicity only 

first, second, and third order nonlinearities are included (3.23). For an input signal 

(3.22) the generated intermodulation products are found in (3.24) [1], as well as some 

DC terms and harmonics not shown. Of particular interest are the frequencies generated 

at 2ω1-ω2 and 2ω2-ω1, as these components show up very closely to the frequency 

 
(a)                                                       (b) 

Figure 3.3: (a) Gain compression curve 

(b) Intermodulation spectrum of two-tone test 
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components of the signal, ω1 and ω2, and increase proportionally to A
3
 (A1 = A2). When 

increasing the input amplitude even further, the lines of the fundamental term and the 

third-order terms (2ω1-ω2 and 2ω2-ω1) will eventually cross each other as illustrated in 

Figure 3.3a and Figure 3.3b. This point is called third-order intercept, IP3. Graphically 

the Input-refered IP3, IIP3, can be calculated according to (3.25). 

Other measures to describe the nonlinearities of the PA are amplitude modulation to 

amplitude modulation (AM-AM) and amplitude modulation to phase modulation (AM-

PM) distortion. AM-AM is defined as the relationship between the amplitude of the 

input signal and the output signal, similarly to the relationship between output power 

and input power to the PA and the gain compression of the system. AM-PM represents 

the distortion process, as the increase of input power causes an additional phase shift on 

the output signal [9]. 

3.2.5.2 Spectral Mask and Adjacent Channel Power Ratio 

As the radio transmission has a frequency bandwidth (channel) allocated around the 

carrier, where the transmission may be conducted, any power falling outside these 

frequencies will disturb neighboring channels and the transmission therein. The 

boundaries specifying between what frequencies the transmission should occur is 

usually specified with a spectral mask, where the power around the carrier is specified 

in decibel to carrier (dBc) or in exact power levels given in dBm in a specified 

bandwidth at certain frequency offsets. The Adjacent Channel Power Ratio (ACPR) is 

defined [12] as the ratio of power in a bandwidth away from the main signal to the 

power in a bandwidth within the main signal, where the bandwidths and acceptable 

ratios are determined by the standard being employed. Figure 3.4a shows the measured 

spectrum and measured Adjacent Channel Leakage Ratio (ACLR), the technical term 

used in the 3GPP standards but is the same as ACPR, for a 20MHz LTE signal applied 

to the Class-D outphasing PA in [13]. 

 

                                                (a)                                                     (b) 

Figure 3.4: (a) ACLR measurement for an LTE signal [13] 

(b) Vector definitions in EVM 
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3.2.5.3 Error Vector Magnitude 

Another signal quality measure is the Error Vector Magnitude (EVM), which is 

computed on I and Q data (or amplitude and phase). In the I versus Q plane (Figure 

3.4b) each location encodes a specific data symbol, which has a certain number of bits 

depending on the complexity of the modulation scheme used. At any point in time the 

magnitude and phase of the signal can be measured and mapped towards an ideal 

reference signal based on transmitted data stream, clock timing, filtering parameters, 

etc. [14], [15]. The difference between the measured signal and the ideal reference 

signal creates the error vector and is generally defined as the rms value of the error 

vector over time [16]. Sometimes the peak value is also used. The EVM measure 

provides the direct measure of the signal quality and the transmitter and 

receiver/demodulation accuracy, and the result captures several signal impairments like 

AM-AM distortion, AM-PM distortion, phase noise, and random noise. 

3.3 Power Amplifier Classes 

As the foundation of efficiency and linearity has been covered in the previous 

sections, the fundamental PA classes will here be described with the trade-offs between 

linearity and power efficiency emphasized. Initially, the linear amplifiers are described. 

These amplifiers use the device as a voltage-controlled current-source, where the input 

voltage controls the output current. Section 3.3.4-3.3.6 describes the switching 

amplifiers, utilizing the transistor as a switch to modulate the signal. 

3.3.1 Class-A 

The Class-A PA, Figure 3.5a, is the most “classical” PA with a transistor biased so 

that it never turns off. The conduction angle is defined as the portion of the input signal 

during which the transistor conducts, meaning that a Class-A PA has a conduction angle 

of 360 degrees. The typical drain voltage and drain current waveforms are shown in 

Figure 3.5b, which assume a highly linear relationship between the signal drain current 

and the sinusoidal input voltage, vin (3.26). Due to the non-abrupt drain current, the 

linearity of the amplifier is certainly high, but suffers from low efficiency due to the 

same reason. In reality the relationship is not that perfectly linear [9], but the ideal 

model is used since it is very tractable from an analytical perspective. 

The derivation of the efficiency has been done by several authors [8], [9], [17], and a 

short review will be given here. The basic circuit considered is shown in Figure 3.5a, 

with a transistor biased at a certain voltage level with a certain bias current, IDC, and the 

signal component of the drain current, irf [8]. The drain current can be expressed as in 

(3.27). The output voltage is the signal current multiplied with the load resistance 

(3.28). Due to the large supply inductor, only DC current flows through the inductor, 

and consequently, the signal current is just the signal component of the drain current. 

The drain voltage is the sum of the signal voltage and DC voltage and as the inductor is 

short-circuited for DC frequencies, the DC drain voltage is the supply voltage.  
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It means that the peak drain voltage is 2VDD with a peak drain current of 2VDD/R. 

From the assumptions mentioned above, the output power can now be stated according 

to (3.29) and the dissipated DC power (3.30) – which is independent of the output RF 

signal. Eventually, the maximum efficiency of 50% can be computed according to 

(3.31). Assuming a lower output swing (3.32) with amplitude A, the efficiency drops 

significantly and more power is dissipated across the device. One should also note that 

the efficiency of 50% in Class-A PAs is the absolute maximum, assuming the full 

voltage swing is attainable, no losses in matching network, and no amplitude 

modulation is present.  

In Paper 1 and Paper 2, two linear CMOS PAs are designed in a 65nm CMOS 

technology to operate in the 2.4-2.5GHz band. The PAs utilize thick oxide (5.2nm) 

transistors, but used different input and interstage matching networks. A 72.2Mbit/s, 64-

vOUT, iOUT

Pin Pout

LRF choke

CDC block

RL

VDD

iD

vDS

 
              (a)                                                                           (b) 

Figure 3.5: (a) Generic single-stage Class-A/B/C power amplifier 

(b) Drain voltage and current waveforms in an ideal Class-A 

 

Figure 3.6: Drain voltage and current waveforms in an ideal Class-B 
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QAM 802.11n OFDM signal was applied to both PAs. The measured average output 

power levels of the two designs were +9.4dBm and +11.6dBm, respectively, while 

having an EVM of 3.8%.  

3.3.2 Class-B and AB 

 The ‘sister’ of Class-A PA is Class-B, which has the same type of basic circuitry as 

Class-A, but is biased differently. In Class-B the bias voltage is adjusted such that the 

transistor only conducts current half of the RF cycle, i.e. at the threshold voltage, such 

that the conduction angle is 180 degrees. With the intermittent operation of the 

transistor, we can expect more distortion on the output voltage and a high-Q tank is 

needed at the output to get a fairly sinusoidal signal back. Similarly for the Class-B 

amplifier as for the Class-A amplifier, we can analyze the drain voltage and current 

waveforms in Figure 3.6, where it is assumed that the drain current is sinusoidal for the 

part of the period when the transistor is conducting, which is a quite crude 

approximation as the change is abrupt. The fundamental component of the drain current 

can be computed according to (3.33), based on Fourier coefficients. As the maximum 

output voltage is VDD, the maximum value of the signal component of the drain current 

is 2VDD/RL, equal to Class-A amplifiers. As the maximum output voltage is the same as 

for Class-A amplifiers, the maximum output power is equal to (3.29). The DC supply 
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current can also be found through Fourier coefficients (3.34). The maximum DE of the 

Class-B amplifier is found as in (3.35). 

It is clear that Class-B amplifiers achieve a significantly higher efficiency than 

Class-A amplifiers, but at the expense of more distortion. Therefore many practical PAs 

are a mix of Class-A and Class-B with a conduction angle between 180 and 360 degrees 

to get an acceptable trade-off between linearity and efficiency. 

3.3.3 Class-C 

Reducing the conduction angle even further, compared to Class-B, leads to a 

situation when the transistor is more turned off than turned on. Mathematical 

derivations show an efficiency of 100% as the conduction angle is reduced to 0. But 

since the gain and output power goes to zero simultaneously, this type of amplifier is 

not very frequently used in RF applications at GHz frequencies, even though successful 

implementations at 900MHz do exist [18]. The operation of the transistor can be done in 

a similar way when it is operated in Class-C mode and a full derivation is given in [8] 

and [17]. 

3.3.4 Class-D 

The amplifier circuits so far have focused on providing an acceptable trade-off 

between linearity and efficiency. By taking advantage of the complementary MOS 

devices, a highly efficient amplifier can be designed by using inverters as in Figure 

3.7a. Instead of using the transistors as current-sources, the transistors are now used as 

switches instead such that the output voltage toggles between two voltage extremes, i.e. 

ground and VDD. The basic principle behind the high efficiency can be found by looking 

at its IV characteristics in Figure 3.8, and conclude that the voltage across the transistors 

is zero as the current flows through the switches (transistors). Similarly, when there is 

voltage across the switch, the current is zero. However, one drawback with this 

amplifier class is that there is no linear relationship in amplitude between the input 

signal and the output signal, but by modulating the duty cycle of the driving signal, the 

amplitude of the output voltage amplitude can be controlled.  

Assuming a driving signal with 50% duty cycle, the output signal would have the 

same duty cycle. Analyzing the Fourier coefficients of the square output voltage 

waveform reveals that power will be lost in the harmonics (3.36). A filter, i.e. an 

inductor and capacitor in series with the load is needed, ideally providing a short at the 

fundamental frequency and infinite impedance at all other frequencies. This means that 

all power is forced to the fundamental frequency. Further utilizing (3.36), we can 

compute the fundamental component of the output voltage across the load resistance 

and the current through the load, eventually leading to the output power at the 

fundamental (3.37). The average (DC) current from VDD is the average of the current 

passing through the PMOS, a half wave sinusoidal signal with amplitude iout,1 (3.38). 

With all relationships established, the DE is computed to be 100% according to (3.39). 

However, such an ideal and lossless filter characteristics does not exist. Therefore, it 

might be more tractable to consider the power available in the fundamental component, 

compared to the total power in the square wave as in (3.40). It is clear that a significant 
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amount of power is wasted in the harmonics, unless we provide an ideal filter, which is 

not realistic in real implementations. This combined with the charging and discharging 

of the drain capacitance and the short-circuit power, discussed below, makes the 

efficiency lower than 100%. 

Analyzing the amplifier output stage, the inverter in Figure 3.7b, the power 

dissipation can be divided into dynamic power and static power. The dynamic power 

origins from switching power and short-circuit power, while the static power is related 

to leakage current as previously discussed in Chapter 2. The switching power relates to 

the charging and discharging of the capacitive load, which includes the drain 

capacitance of the inverter and may dissipate significant power when large transistors 

are used. Assuming the input voltage is zero, the PMOS will turn on and start to charge 

the total load capacitance, CD, requiring energy of CDVDD
2
. When the input toggles to 

VDD, the PMOS is turned off, and the NMOS is turned on. The charge stored on CD is 

then dumped to ground through the NMOS, while no additional energy is pulled from 

VDD. The switching power can be expressed as in (3.41), where f is the clock frequency 

of the input signal, and α is the switching activity ratio, which determines how 

VDD
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ishort-circuit

iswitch

 

(a)                                                        (b) 

Figure 3.7: (a) Class-D amplifier 

(b) Schematic of CMOS inverter including dynamic currents 

 

Figure 3.8: Class-D amplifier waveforms 
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frequently the output switches from low-to-high per clock cycle [19]. However, the 

input signal has a finite rise-time, which for a short moment leads to that both the 

NMOS and PMOS transistors are turned on causing to a direct path between VDD and 

ground. The power dissipated, due to the direct path, is denoted as short-circuit power 

and can be calculated according to (3.42) [20], where β is the gain factor of the 

transistors and τ is the input rise/fall time. The short-circuit power can be kept below 

10% of the switching component in a properly designed circuit [21]. Due to the 

significant scaling of the MOS transistors, the leakage power has become a major 

contributor to the overall power dissipation [22]-[24] and comes from various sources 

like subthreshold leakage current, gate leakage currents, and reversed junction leakage 

currents [25]. 

3.3.5 Class-E 

The Class-D amplifier showed the potential over “classical” linear amplifiers to 

achieve higher efficiencies up 100%, by operating the transistors as switches. However, 

it was also clear that Class-D suffered from loss mechanisms, due to the parasitic 

capacitance of the output stage. The Class-E topology, Figure 3.9, solves these issues by 
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shaping the drain voltage with a reactive load impedance in order to decrease the drain 

voltage to zero as the switch turns on, t1 in (3.43) [26], to minimize the charges stored 

on the drain capacitance, which will be discharged to ground. Thus, the power 

consumption due to charging/discharging the drain capacitance, as in Class-D, is 

eliminated. Another condition (3.44), concerns the slope of the drain voltage, which 

should be zero at turn-on in order to allow for component mismatches without causing 

significant power loss [27], [28]. The conditions on the drain voltage result in ideal 

efficiency of 100%, eliminating the losses associated with charging the drain 

capacitance as in Class-D, reduction of switching losses, and good tolerance of 

component variation [29]. Ideally, the resulting drain voltage and current waveforms 

would look like the waveforms in Figure 3.10. 

A major drawback in Class-E implementations is the very high peak drain voltage, 

which are troublesome in nanometer CMOS technologies with thin gate oxides and 

occurs while the device is turned off, posing reliability issues. To ensure reliable 

operating at RF, a secure approach is to make sure that safe operation is met even for 

DC conditions, which translate into never exceeding the critical oxide field of ~1V/nm 
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Figure 3.9: Class-E amplifier 

 

Figure 3.10: Normalized drain voltage and current  

waveforms in an ideal Class-E [28] 
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gate oxide at the drain of the transistor [30]. However, as discussed in Chapter 6, this is 

a quite safe approach not necessarily exploiting the maximum capability of the device at 

RF operation. 

At first sight, the conditions in (3.43) and (3.44) may seem to be trivial to solve 

analytically, but soon one realize the complex dependencies between all circuit 

components. A number of authors [17], [31], [32], have already derived the design 

equations so this will not be repeated here. Instead a more intuitive approach of the 

idealized operation of the Class-E amplifier in Figure 3.9 is described. Similarly to 

Class-D amplifiers, Class-E amplifiers do not inherently feature linear amplification, 

 

Figure 3.11: Simulation results of drain voltage, vDS, driver  

signal, vDRIVE, and output voltage, vOUT 

 

 

Figure 3.12: Simulation current waveforms: drain current, iD, current through 

shunt capacitance, iC, output current, iOUT 
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but is a good candidate to be used in polar-modulated amplifiers [33], [34], pulse-width 

modulation [35], and outphasing with combiners with isolation. 

The device, M1 is assumed to be driven by a square wave with 50% duty cycle [31]. 

The RF choke, L1, is assumed to only carry DC current. The Q of the series-tuned 

circuit, L2 and C2, is high enough so the output can be assumed to be a sinusoidal signal, 

and the reactance jωLX applies only at the fundamental. For all other frequencies the 

reactance is assumed to be infinitely large. The switching operation of the device is 

lossless, except for any charges stored in C1, which are discharged to ground at device 

turn on and the transition of the device is assumed to be instantaneous. Moreover, the 

device is assumed to have zero on-resistance and an infinitely large off-resistance. 

When the switch is closed, the DC current through inductor L1, flows through the 

switch. As the switch opens, the sinusoidal output current subtracted from the DC 

current will charge the capacitor C1 and the parasitic capacitors of the device for a non-

negligible amount of the period time. Simultaneously, the voltage across the device 

increases and eventually rises to a peak voltage level of ~3.56VDD [28] and the charges 

stored in the capacitors are dumped to the load. The utilization of the capacitor C1 is a 

major benefit of Class-E compared to Class-D, where the parasitic drain capacitance 

always discharges to ground. Beneficially, this capacitor can be made up entirely by the 

parasitic drain capacitance of the device, eliminating the need for an additional 

capacitor, while also reducing the on-resistance for more output power. 

A simulation of a Class-E amplifier in a 130nm CMOS process is performed with 

the parameters and performance as given in Table 3-1. All components are ideal, except 

for the transistor, and its on-resistance. The voltage and current waveforms are plotted 

in Figure 3.11 and Figure 3.12, respectively, and are defined as in Figure 3.9. The 

current through inductor L1 is not perfect DC, but is always positive, and therefore it is 

not plotted. Considering the voltage waveforms, the peak of the vDS do not reach 

3.56VDD, and as the transistor turns on by vDRIVE, vDS is not zero. Due to the nonzero vDS, 

we can clearly see from the current waveforms how the charges stored on C1 are 

dumped to ground through the transistor at t1 = π. As long as the transistor is turned on 

(between π and 2π), the current, iD, through the transistor increases. At transistor turn 

off, the current through the capacitor increases rapidly, due to the current, iL, through L1 

and the reversed output current, iOUT. After some time, the output current becomes 

positive and shortly the capacitors are discharged. At the time the currents through the 

capacitors are zero, vDS reaches its highest peak. 

As previously stated, the dependencies between the component values are not trivial 

from an analytical point of view. In [27] the effect of various component values is 

TABLE 3-1: SIMULATION PARAMETERS 

Width 

[µµµµm] 

C1  

[pF] 

C2  

[pF] 

L1  

[nH] 

L2  

[nH] 

Lx  

[nH] 

RL  

[Ω] 

VDD  

[V] 

DE  

[%] 

Pout  

[dBm] 

f  

[GHz] 

230 0.431 6 35.5 1.05 5.27 50 1 88 9 2 
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elaborated and it is found that variations of the shunt susceptance (B = ωC) still results 

in high efficiency over a large range of values. However, for small values C1 will 

experience both high and low voltage peaks. For large values, the rise-time of vDS will 

be long, and thus, the peak voltage is reduced.  

One important component is obviously the transistor itself and intuitively we can 

pull more current trough a larger device when it is turned on, than for a smaller device, 

since the on-resistance is smaller. As derived in [36], the drain efficiency, DE, could be 

approximated by (3.45). Due to the continuous scaling of the transistors it becomes 

increasingly challenging to design Class-E amplifiers, due to the high voltage peaks 

generated. It forces the design to use a smaller supply voltage, but at the same time the 

load resistance decreases rapidly (3.46). 

In Paper 3 two Class-E CMOS PAs in 130nm CMOS are operated at low supply 

voltages. The first PA is intended for DECT, while the second is intended for Bluetooth. 

Both are using inverters as driver stages. At 1.5V supply voltage, the DECT PA 

delivered +26.4dBm of output power with a DE and PAE of 41% and 30%, 

respectively. The Bluetooth PA delivered an output power of +22.7dBm at 1.0V with a 

DE, and PAE of 48% and 36%, respectively. The Bluetooth PA was based on thin oxide 

devices and the performance degradation over time for a high level of oxide stress was 

evaluated in Paper 4. 

3.3.6 Class-F 

Similar to Class-E, the Class-F amplifier employs drain voltage waveform shaping 

to achieve a high efficiency. Figure 3.13 shows a Class-F amplifier with a transmission 

line at the drain [8] and a high-Q tank in parallel with the load resistor. The length of the 

transmission line is λ/4 at the fundamental frequency and the Q is considered high 

enough to short circuit all frequencies outside the desired bandwidth. Due to the 

transmission line, the load impedance seen at the drain can be computed through (3.47). 

From (3.47), we can conclude that the load impedance, Zload, seen at the drain is 

Z0
2
/RL at the fundamental. At all even harmonics, the impedance seen is RL, which is 

zero at all harmonics. Moreover, at all odd harmonics, the transmission line shows an 

infinitely large impedance as the equivalent RL is equal to zero. Furthermore, assuming 

a square drive voltage with 50% duty cycle only containing odd harmonics, 

consequently the square wave would also appear at the drain and the load current is 

purely sinusoidal at the fundamental frequency. Figure 3.14 also reveals that the Class-F 

amplifier ideally is capable of providing 100% efficiency (recall the Class-D 
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waveforms) and from the basic topology presented, different circuit combinations with 

the same characteristics have been presented as inverse Class-F and Class-E/F 

amplifiers [37]. 
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Chapter 4 

Matching Techniques 

4.1 Introduction 

In the previous chapter it was assumed that the load connected to the PA could 

represent any desired value. However, assuming an antenna impedance of 50Ω, it has to 

be transformed to a different (usually lower) value to achieve a sufficiently high output 

power. Assuming an available voltage swing of 1V would only generate as little as 

10mW across a 50Ω load, which is not sufficient for many applications. This simple 

example demonstrates the necessity of using load impedance matching networks. In the 

previous chapter a great portion of the material dealt with the efficiency of the different 

classes, but no energy was spent on investigating the load itself. In this chapter we will 

see how the design of the matching network has a significant impact on the overall 

efficiency of the matching network and consequently also on the total efficiency of the 

transmitter. Moreover, the input and interstage matching in a multi-stage amplifier is 

discussed. 

4.2 Conjugate and Power Match 

Figure 4.1a shows a current generator which could represent the output current 

generator of a transistor with internal output impedance comprised by a parallel resistor 

(assuming the drain capacitance has been tuned out) [1]. Considering the maximum 

power theorem [2], we would choose a load resistor, RL, equivalent to the real part of 

the generator’s impedance [3] to achieve maximum output power. However, 50% of the 
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power would be lost in the internal resistance, making this choice of load resistor 

unattractive [1], [4]. Moreover, the maximum power theorem does not pay attention to 

physical limitations such as maximum allowed drain voltage before gate oxide 

breakdown or the current capability of the device if the current generator would 

represent the output current generator of a transistor. As seen in Figure 4.1b, ideally the 

maximum allowed drain voltage is quickly reached as the load resistor, RL, is chosen 

equivalent to the internal output resistance, Rout, while the current is significantly lower 

than the physical maximum Imax. Choosing another load resistor to an approximate value 

of Vmax/Imax as in (4.1) (assuming Rout >> RL) indicates a more suitable load resistor to 

utilize the transistor in a better way. 

Consequently, another choice of load resistor than Rout, leads to higher output power, 

higher efficiency, and improved utilization of the transistor. It means that the maximum 

power theorem is not useful when designing the output matching in a PA as we are 

matching for optimum power characteristics to squeeze out the maximum power 

available from the transistor. 

4.3 Load-pull 

The effect of using a loadline match instead of conjugate is also evident in Figure 

4.2a, where a Class-A amplifier has been matched in two different ways. The solid line 

represents the power characteristics in a conjugate match for low input drive levels, 

while the dashed line represents a power match (loadline). The figure shows that the 
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Figure 4.1: (a) Current generator with output resistance, Rout, and load, RL, 

(b) Conjugate match, RL = Rout, and loadline match, RL = Vmax/Imax; Rout >> RL 
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conjugate matched amplifier has a higher gain at low input drive levels than the power 

matched amplifier. However, the conjugate matched amplifier has a lower 1dB 

compression point and lower saturated output power than the power matched amplifier. 

In linear amplifier design, the 1dB compression point is a key parameter to evaluate the 

linear performance of a PA and a slightly lower gain is usually acceptable if a higher 

1dB compression point can be high achieved. Typically, a power-matched amplifier can 

push the compression parameters to 1-2dB higher levels [1], [3].  

Obviously, the IV characteristic of the transistors in Figure 4.1 was very ideal. A 

more realistic characteristic is shown in Figure 4.2b for an MOS device, where also the 

characteristic of a typical power device (e.g. GaAs) is drawn. The loadline concept 

works better for the power device, than for the MOS device which has a relatively soft 

transition from the linear to the saturation region. For the power transistor, a suitable 

choice of load resistor would be as in (4.2) [3]. 

The characteristic is very profound in deep-submicron CMOS technologies, where 

the voltage knee may be as high as 50% of the supply voltage [3], when the same knee 

voltage in typical power transistors is about 10-15% of the supply voltage. Due to the 

high voltage knee, the loadline concept may not be very useful when determining the 

optimum load resistor for the MOS device as the capability of the transistor would not 

be fully utilized. A better approach is to use load-pull technique to determine the 

optimum load impedance. In the load-pull technique, a calibrated load capable of 

covering the Smith chart is varied at the output of the PA. In the absence of calibrated 

mechanical tuners [1] or in an early design stage, software packages can perform virtual 

load-pull simulations with an accuracy mainly determined by factors like transistor 

 

                                     (a)                                                                        (b) 

Figure 4.2: (a) Compression characteristics for conjugate (c) and power match (p) with 

markers at maximum linear points (Ac, Ap), and at the 1dB compression points (Bc, Bp) 

(b) Loadline for a typical power transistor and a CMOS transistor in Class-A biasing 
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models, layout parasitics, and packaging. The output from load-pull simulations is 

power contours representing the boundaries between specific output power levels. 

Typically, the maximum power level, the 1dB, and 2dB power contours are of interest, 

as the compression points are directly related to the linearity in an amplifier providing 

linear amplification. From the power contours, an optimum or suitable load impedance 

can be chosen in order to allow for component mismatches. Due to the large-signal 

variations in PAs and the varying output impedance, the motive for using load-pull 

simulations is further strengthened. 

4.4 Matching Network Design 

Until now, the load impedance has been considered to be purely resistive, but when 

using load-pull simulations, the load impedance may contain imaginary parts. It was 

also clear from the introduction of this chapter that the resistive portion of the load 

impedance maybe significantly smaller than 50Ω in order to achieve sufficient output 

power. To provide a down-transformation of the 50Ω load impedance, an L-match 

network is often used.  

4.4.1 L-Match 

In the L-match the load, RL, is transformed to a lower value to get the desired output 

power. The L-match consists of a series inductor, L, and a parallel combination of a 

capacitor, C, with the load impedance, RL, as in Figure 4.3. In an ideal matching 

network without any losses, all the power will be dissipated in the load, RL. Real 

components have finite Q and results in losses, lowering the output power and reducing 

the efficiency of the impedance transformation.  

The Power Enhancement Ratio, E, in (4.3) is defined as the ratio of the RF power 

delivered to the load with a transformation network in place to the power delivered to 

the load for the same sinusoidal input voltage source when it drives the load directly and 

 

Figure 4.3: L-matching network 
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can be computed for any matching network [5]. This performance measure not only 

includes the ideal impedance transformation ratio, r = RL/Rin, but also accounts for the 

Insertion Losses, IL (4.4) [6], in the passive components, which has significant impact 

when implementing the passive components on-chip in silicon technologies. The 

Insertion Loss, IL in (4.3), can be divided into two parts, one part for the inductor loss, 

IL1 (4.8), and one part for the capacitor, IL2 (4.9).  

The parallel combination of the capacitor, C, and the load impedance, RL, creates a 

virtual series resistance, 
LR , and negative reactance, 

CXj− , with a quality factor of Qm 

(4.5). In order to compensate for the negative reactance, an inductor is located in series 
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with the parallel combination as seen in Figure 4.3. Denote the maximum voltage across 

the load to Vmax, while not using any matching network at all. Taking into account the 

two separate insertion losses, IL1 and IL2 in (4.8) and (4.9), the E can be rewritten (4.10) 

as a function of the ideal impedance transformation and the insertion losses and 

eventually as a function of quality factors. The E for a lossless matching network, QL = 

QC = ∞, is then just 1+Qm
2
 or the ratio of the load resistance, RL, and the ideal input 

resistance, Rin. Consequently, if the quality factors and the desired output power are 

known, the efficiency can be calculated by solving the equations in a given order. 

Determining the E from (4.3) and assuming that QL is known, leads to the computation 

of Qm in (4.13), so that XC can be computed from (4.5). Assuming the inductor will 

cancel the reactance created by the capacitor, XL must be equal to XC in (4.6). Moreover, 

the input resistance, Rin, and the total insertion loss, IL, can be evaluated from (4.11) 

and (4.12) [7]. 

When implementing the matching networks on PCBs, the quality factors can be 

quite high. When on-chip matching networks are used, they tend to be quite lossy, due 

to the low Q of the inductors. To evaluate the performance of on-chip L-match network, 

the derived equations can be used. As the Q of the on-chip capacitors are much higher 

than the inductors, QC is assumed to be infinitely large in the equations (4.5)-(4.13). In 

Figure 4.4a, the desired E is swept for a variety of inductor quality factors, QL = Q, 

where the impact of a low inductor quality factor is apparent. This is especially 

troublesome in low-voltage CMOS technologies, where significant enhancement ratios 

are needed to achieve sufficient output power. One should also recall that the efficiency 

plotted only corresponds to the L-matching network itself - losses associated with the 
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                                                (a)                                                              (b) 

Figure 4.4: (a) Efficiency [9] of L-matching network for inductor quality  

factor, QL = Q, and Power Enhancement Ratio, E  

(b) Lattice-type balun inside the box with dashed lines  

driven by a differential signal, +vin and –vin 
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amplifier are not included and therefore the efficiency of a complete transmitter is lower 

than the efficiencies plotted in Figure 4.4a. 

4.4.2 Balun 

From Figure 4.4a it was clear that the efficiency of the L-match network dropped 

significantly for large power enhancement ratios. Therefore, in order to obtain a higher 

efficiency, two amplifiers could be operated in parallel and combine the output power 

from each amplifier. A convenient way of combining the power from two amplifiers is 

to use a balun [1], [8] as in Figure 4.4b. By operating the amplifiers differentially, the 

double voltage swing is available, which means that the differential impedance the 

overall amplifier has to drive is four times larger than if a single-ended amplifier would 

 

Figure 4.5: Efficiency of L-match and balun for QL = 10 
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Figure 4.6: Simplified schematic of output matching network,  

where PCB transmission lines are omitted 
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have been used. As each amplifier can see a higher impedance than if a single L-match 

would have been used, each amplifier can then utilize a lower power enhancement ratio 

with a higher efficiency and bandwidth. Investigating and applying nodal analysis for 

the differential amplifier connected to a balun in Figure 4.4b, the input impedance of the 

balun can be found as in (4.14) (neglecting the parasitic resistances in the inductors). 

If the input impedance is supposed to be resistive (4.15), the component values can 

be calculated according to (4.16). As for the L-matching network we assume the 

capacitors are lossless. The nodal analysis shows that the output voltage across the load 

can be written as in (4.17) [9] and makes it possible to calculate the currents through the 

inductors and the corresponding losses such that an overall efficiency can be computed. 

In a similar way as for the L-match network, the power enhancement ratio is swept and 

the efficiency can be evaluated. Figure 4.5 shows the efficiency of an L-match and a 

balun for different power enhancement ratios. For enhancement ratios larger than two, 

the balun outperforms the L-match, and as the ratio is approaching one, the matching 

network can be left out completely.  

Due to the properties of the balun it was used in the implemented amplifiers 

presented in Paper 1 - Paper 4, but using off-chip components. The quality factors of 

the off-chip matching networks are significantly higher, but show the same trends as in 

Figure 4.4 and Figure 4.5. Since the balun cannot be directly connected to output of the 
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transistors, bondwires and transmission lines were used at the immediate output of the 

differential amplifier as in Figure 4.6. For simplicity we assume that the bondwire 

inductance and the interconnections from the PA to the balun can be represented by LP, 

and that the balun makes an impedance transformation from a resistive value R2 to a 

resistive RL. A pre-matching capacitor, CP, was used before the balun to compensate for 

the bondwire inductance and interconnection lines from the PA to the balun [10] and 

transforms the optimum load impedance, Re{Z1}, to a higher level R2. Analyzing the 

matching network in Figure 4.6, the relationships between the parasitic inductance, LP, 

the virtual resistance R2 of the balun, the balun components, LBx and CBx, and the pre-

matching capacitor are found in (4.18)-(4.20).  

4.5 Input and Interstage Matching 

4.5.1 LC-Based Matching Network 

The matching issues discussed so far mainly targets the last stage of the power 

amplifier. However, typically the amplifier consists of more than a single stage to 

achieve sufficient gain. One of the amplifiers in Paper 2 [11], Figure 4.7, uses input and 

interstage matching networks based on inductors and capacitors. As the power amplifier 

targeted a high level of linearity, it means that a high level of linearity must be 

maintained through the amplifier chain to the output stage. A simplified schematic of 

the interstage matching between the first and second stage is shown in Figure 4.8 and 

Figure 4.9. For simplicity M1 and M2 is assumed to have an output impedance 

comprising a parallel resistor, Rout, and drain capacitance, CD. Further, CD is assumed to 

be much smaller than the equivalent input capacitance, Cin’, as defined in (4.22). Rout is 

assumed to be sufficiently large to be neglected.  

 

Figure 4.7: Power amplifier with LC-based matching networks in Paper 2 [11] 
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The inductor, L2, is used to tune out the equivalent capacitance, Cin’, of C2 (C2 = k 

Cin) and Cin, the gate capacitance, according to (4.21) at the operating frequency ω0. The 

parallel capacitor aC2 of Cin represents the parasitic capacitance to the substrate of C2. 

The combination of C2 and Cin creates a voltage divider leaving a signal swing at the 

gate of M3 as in (4.23). 

To maximize the voltage swing at the gate of M3, the capacitor C2 should ideally be 

infinitely large. However, the parasitic capacitance to the substrate and the large gate 

capacitance would require unreasonable small inductance values. Considering (4.22), 

Cin can be reduced by a factor b [7]. Thus, if the effective input capacitance is lowered 

by a factor b, the inductance and its parallel resistor can be increased by a factor of b 

(assuming constant Q). Additionally, the voltage gain is a factor of b larger at vd. By 

knowing the maximum available voltage swing at vd, and the needed drive signal at M3, 

 

Figure 4.8: Interstage matching between first and second stage 
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Figure 4.9: Capacitive division 
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the ratio between C2 and Cin can be determined. C2 also separates the drain of M1,2 and 

the gate of M3, which makes it possible to bias M3 via a large resistor, R2. 

4.5.2 Transformer-Based Matching Network 

Integrated transformers have received a lot of attention [12]-[16] as they have 

proven to give satisfactory performance over a wide range of frequencies, and due to 

their capability of signal combining and impedance transformation. The basic principle 

is shown in Figure 4.10 [12]. A current passes through the primary inductor, LP. The 

magnetic flux created by current in the primary winding, i1, induces a current, i2, in the 

secondary winding, LS, which produces a voltage, v2, across the load, ZS, connected 

between the secondary terminals. The impedance seen at the primary side of the 

transformer is ZP and the transformation of the voltages and currents in an ideal 

transformer are related to the turns ratio as in equation (4.24). The strength of the 

 

Figure 4.10: Ideal transformer [12] 
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Figure 4.11: Lumped transformer model 
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magnetic coupling between the two windings is defined as the magnetic coupling 

coefficient, k (=1 for an ideal transformer), by equation (4.25) where M is the mutual 

inductance between the two windings. 

The integrated transformers are in CMOS technologies implemented as coupled 

integrated inductors, which means that resistance reduction in the windings can be 

accomplished by using several metal layers on top of each other to reduce the losses in 

the transformer. The magnetic coupling between the windings is mainly determined by 

the width and spacing of the metal traces [12], [17]. The magnetic coupling between the 

windings can be maximized by letting two adjacent conductors belong to two different 

windings, as the mutual inductance increases. Two conductors of the same winding 

contribute to the self-inductance and lower the coupling coefficient (4.25). The coupling 

factor is increased [12] for smaller metal trace widths than for larger widths, but 

simultaneously the winding resistance increases, as well as the losses, leading to a 

compromise between coupling and loss. 

To evaluate the performance of a transformer, a full 3D electromagnetic simulation 

would be preferable, but due to the time-consuming simulations, lumped models 

representing the physical operation of the transformer are tractable in the early design 

phase. The planar square transformers used in the amplifier in Paper 1 [18] were based 

on a lumped transformer model described in [19], where the circuit component values 

were computed using FastHenry [20] and FastCap [21]. Figure 4.11 shows the lumped 

model, which includes coupling to the substrate, inductances, the coupling between the 

primary and secondary windings, capacitive coupling, and the series resistance in the 

windings. As the quality factor is important for the integrated inductors, so are the 

quality factors of the primary and secondary windings of the integrated transformer, as 

well as the coupling factor. Consequently, when a suitable transformer has been found 

using the lumped transformer models, an electromagnetic simulation should be 

performed in order to improve the simulation model of the amplifier. A common figure-
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of-merit used to characterize transformers has been the maximum available gain, Gmax 

[22]-[24], defined in terms of S-parameters [6] for any termination impedances as in 

equation (4.26) and (4.27). The maximum available gain, Gmax, is a measure of the gain 

of the system when the source and load reflections coefficients are conjugately matched 

to S11 and S22 [22] and puts a number on how efficient the transformer can be when 

transferring power from the input to the output during optimal conditions.  

The T-model [6] can be used in the evaluation of the transformer [24]. For the T-

model shown in Figure 4.12 [5], the efficiency, η, was derived as in (4.28), while using 

tuning capacitors and optimum choice of LP. In (4.28), QP and QS are the quality factors 

of the primary and secondary windings, respectively. This model was further used in the 

development of a fully-integrated GSM/GPRS PA [25]. From (4.28), we can see that 

the efficiency can be maximized by using a coupling factor as close as possible to unity 

and making the Q of the primary and secondary windings, as large as possible. 

However, the number of turns and the inductances are limited by the parasitic 

capacitances from the traces to the substrate and limits the usable frequency range, as 

well as layout constraints of the process chosen, making it challenging to find an 

optimum transformer design. Moreover, in PA design the inductances of the 
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Figure 4.12: Transformer T-model 
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transformers are limited by the large capacitances of the transistors when the 

transformers are used for interstage matching as in [18]. 

Figure 4.13 shows the amplifier in [18], using integrated transformers for the input 

and interstage matching. At the primary windings of both transformers, T1 and T2, 

tuning capacitors, C1 and C2, are located in order to reduce the losses [12], while the 

gate capacitance is put in series with the secondary windings (and its inductance) of the 

transformer. Since the primary and secondary windings of the implemented 

transformers are galvanically isolated, the center taps can be used for either biasing of 

the amplifying transistor, as in the first stage, or power supply of the amplification 

stage, as in the second stage. The input tuning capacitors, C1, at the input of the first 

stage were replaced by a single off-chip component. The input power to the amplifiers 

was applied differentially with an external 50-to-100Ω balun connected to the signal 

source. The input impedance of the PAs was designed to present 100Ω differentially. 

4.5.3 Cascode Stage 

The amplifiers, presented in Paper 1 and Paper 2 [11], [18], utilize a cascode 

configuration in the amplifier stages, which is a combination of a common-gate and a 

common-source stage. One reason is that in linear PAs with an RF-choke, the drain 

voltage may reach levels approaching 2VDD, and therefore cause destructive oxide 

breakdown and hot electrons. To prevent oxide breakdown to occur, usually a thick gate 

oxide transistor is put as cascode transistor, M2 and M4 in Figure 4.13, in order to protect 

the input transistors, M1 and M3, and distribute the voltage stress during operation. To 

provide highest protection for the transistors, the gates of the cascode transistors should 

be biased at VDD, but a lower bias level can provide better performance [13], as it 

reduces the smallest drain-source voltage for which the cascode transistor operates in 

the saturation region.  

The cascode stage is also used to enable higher output impedance and higher supply 

voltage than if a single common-source stage would have been used [26]. Though, one 

has to make sure that the width of the cascode transistor is large enough to not degrade 

the linearity, but at the same time not too large to have a significant impact on the 

interstage matching (CD in Figure 4.8) [27] or the output matching [1]. The input 

transistors were also chosen as thick oxide transistors to ensure reliable operation. 

Consequently, to achieve sufficient gain, large transistors were chosen, but results in 

low input impedance of the device. To improve the RF performance, thin oxide devices 

should be used, but may require a reduction in supply voltage. 
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Chapter 5 

Linearization and Efficiency Enhancement 

Techniques for Power Amplifiers 

5.1 Introduction 

To meet the increasing demand for higher data rates, wireless systems target higher 

bandwidth efficiency and increased number of frequency bands. Higher bandwidth 

efficiency is achieved through more advanced modulation schemes, such as M-QAM 

and OFDM, which pose challenges to achieve the required linearity in the transmitter 

circuits in order to comply with spectral and modulation requirements. In addition, to 

reduce the number of transmitters, a single transmitter covering several frequency bands 

with maintained RF performance is desirable, which is typically not achieved with the 

tuned linear Class-A/AB/B PAs. Power consumption is a central issue in all radio 

transmitters, requiring RF PAs with high efficiency. In traditional linear PA design, this 

is hard to combine with the requirements on linearity and the high PAPR, which 

characterizes advanced modulation schemes. CMOS processes are excellent for digital 

circuits and benefit from the scaling of the technology feature size. Therefore it is 

therefore a natural step to move functionality from the analog domain to the digital 

domain, whenever possible. Two major linearization techniques, where highly efficient 

non-linear PA topologies can be used in order to achieve an overall efficient and linear 

PA are Polar Modulation and Outphasing.  
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5.2 Polar Modulation 

The basic principle in Polar Modulation, Figure 5.1, is to combine a highly efficient 

non-linear RF PA with a highly efficient envelope amplifier (ENV AMP) to achieve a 

highly efficient linear PA. The idea of Polar Modulation originates from the Envelope 

Elimination and Restoration (EER) technique developed by Kahn in 1952 [1], and 

therefore it is also denoted as the Kahn Technique Transmitter. Suitable RF PAs to be 

used are switched mode PAs, such as Class-D/E PAs.  

Figure 5.1 demonstrates the concept of Polar Modulation, where φ(t) and A(t) 

contains the phase and amplitude information of the RF signal, respectively. The RF 

output signal is proportional to the supply voltage as in (5.1), where α represents the 

ratio of the output amplitude to the supply voltage. Furthermore, the supply voltage is 

modulated according to the amplitude signal, A(t), as in (5.2), where β represents the 

ratio of the supply voltage to the amplitude signal. The modulated RF output signal can 

then be expressed as in (5.3) and it is clear that it contains both amplitude and phase 

modulation. 

5.3 Outphasing 

5.3.1 Outphasing Background 

The basic principle of the outphasing concept, Figure 5.2, is that an amplitude- and 

phase-modulated signal, s(t) in (5.4), is decomposed into two constant amplitude 

signals, s1(t) and s2(t) as in (5.5) [2], [3], containing the original signal and the 

quadrature signal, e(t) (5.6).  

 

 

Figure 5.1: Polar Modulation 
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 The two constant amplitude signals are separately amplified by two switching (and 

preferably highly efficient) PAs and then recombined. In the combiner, the quadrature 

signals cancel each other and the output signal is an amplified version of the amplitude 

and phase-modulated signal. Considering the combiner (the plus sign) in Figure 5.2, it 

can be concluded that the original signal is restored and amplified as long as the 

combiner is linear and the two amplifier paths are well-balanced. Common ways to 

combine the PA outputs are:  

(1)  Using a matched combiner with isolation [4], which suffers from low 

 efficiency unless the power is recycled [5]. 

(2)  Using on-chip [6], [7] or off-chip [8]-[11] λ/4 transmission lines as in  

 Figure 5.3a. The amplifier stages are assumed to be Class-D, here modeled as 

 ideal voltage sources [12]. 

(3)  To eliminate the area-consuming and bandwidth-limiting λ/4 transmission 

 lines [9], a more straightforward method could be to connect the load 

 between the two amplifier outputs, making the transformers suitable from an 

 implementation perspective. This is demonstrated in Figure 5.3b.  

The λ/4 transmission lines convert the voltage signals, Vie
±jφ

, to current signals, 

which flow to a common load, RL, to generate the output voltage, vout, in (5.7) at the 

fundamental frequency [12]. The output voltage is proportional to cos(φ) and the 

instantaneous amplitude of the amplitude- and phase-modulated signal, s(t). 4/π is the 

coefficient of the fundamental component of a square-wave and Z0 is the characteristic 

impedance of the λ/4 transmission line. 

Similarly, the transformers combine the voltage signals induced from primary turns 

and apply them on a common load. The transformers are assumed to have a turns ratio 

 

Figure 5.2: Outphasing 
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of 1:1 and perfect mutual coupling. As for the transmission line case, the output voltage 

at the fundamental frequency is proportional to cos(φ) (5.8) and the instantaneous 

amplitude of s(t). 

5.3.2 Chireix Combiner and Comparison of PA Types 

When using a combiner (a load) with no isolation as in Figure 5.4, each PA, 

modeled as ideal voltage sources denoted V1 (5.9) and V2 (5.10), sees a time-varying 

load impedance [9], [13], which depends on the outphasing angle as in (5.11) and 

(5.12). Notice that in (5.9)-(5.15) α is used instead of φ. If the PA would be a Class-B, 
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Figure 5.3: (a) Transmission line combiner [12] 

(b) Transformer combiner [12] 
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the output voltage depends on the load impedance, thus degrading linearity and 

efficiency due to the varying impedances [14]. As the maximum efficiency occurs when 

the seen load impedance is purely resistive, the basic idea of the Chireix [2] combiner is 

to add parallel reactive elements, CC and LC in Figure 5.5 and Figure 5.6, in order to 

cancel the reactive part of the load at a certain predefined phase offset value to improve 

the efficiency at back-off. The efficiency is found as in (5.13) [9], optimal for (5.14), 

with a back-off from peak power according to (5.15). The efficiency versus power back-

off is shown in Figure 5.7 demonstrating that a high efficiency can be achieved at a 

large back-off when using compensation elements. 

In order to analyze the use of reactive elements the load impedance Z1 can be written 

in a parallel expression form. In Figure 5.6, the new Z1 constitutes a resistive part RL' 

and a capacitive part CL'. At a certain phase offset, the capacitive part can be 

 

 

Figure 5.4: Combining with no isolation 

 

RL

CCLC

Z1 Z2

V1 V2
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compensated with a parallel inductive element, LC. Similarly for Z2, the inductive part 

can be compensated by a capacitive element, CC. 

It should be noted that the compensation elements are chosen for a specific 

outphasing angle and frequency, making it less attractive for PAs covering multiple 

frequency bands. If the used PAs would behave as ideal voltage sources the DC power 

would scale according to the load impedance and the efficiency would be high 

regardless of outphasing angle [9]. As discussed for the Class-B PA case, most PAs do 

 

Figure 5.7: Efficiency at power back-off with Chireix compensation elements 
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not behave as ideal voltage sources and cannot accept a variable load without distorting 

the signal. Therefore, such a solution either needs modulation-controlled reactive 

components in parallel to each PA to compensate for the varying load [13] or use 

predistortion. Using an inverter-based Class-D PAs mitigates this issue, since the output 

of an inverter-based Class-D amplifier can be considered as an ideal voltage source, 

whose output voltage is independent of the load impedance [15]. Therefore, no 

compensation of the varying load is needed to maintain the linearity. For combiners 

with no isolation, matching network losses can be reduced at power back-off, improving 

the efficiency [12]. 

Another candidate for outphasing is the Class-E amplifier, which absorbs the drain 

capacitance into the matching network to achieve high efficiency. But in Class-E 

amplifiers, the zero-voltage switching characteristic depends on the load impedance and 

is sensitive to load variations [5], [14]-[16], generally making Class-E unsuitable for 

combiners with no isolation [5]. Thus, to avoid distortion, a combiner with isolation 

such as a Wilkinson combiner is needed, which isolates the two amplifiers and provides 

a fixed load impedance to each amplifier [5], [6]. However, a Wilkinson combiner 

achieves 100% efficiency only at maximum output power [5]. At back-off, power is 

dissipated in the isolation resistor of the combiner [5]. Class-E amplifiers have, 

nonetheless, demonstrated good efficiency at power back-off power for combiners with 

no isolation [17], [18], but may require predistortion to become linear [17]. 

The Class-D outphasing PA presented in Paper 5 [19] was based on a Class-D stage 

utilizing a cascode configuration, driven by an AC-coupled low-voltage driver, to allow 

5.5V supply in a 65nm CMOS technology without excessive device voltage stress. The 

outputs of four Class-D stages were combined by utilizing two on-chip transformers. At 

1.95GHz and a 5.5V supply, the output power was +29.7dBm with DE and PAE of 

30.2% and 26.6%, respectively. The 3dB bandwidth was 1.6GHz (1.2-2.8GHz). The PA 

was operated for 168 hours (1 week) without any performance degradation. 

The PA design, presented in Paper 6 [20], was based on the same Class-D stage as 

the first design, but combined eight amplifier stages by utilizing four on-chip 

transformers in a 130nm CMOS technology. At 1.85GHz and a 5.5V supply, the output 

power was +32dBm with a DE and PAE of 20.1% and 15.3%, respectively. Both 

designs met the ACLR and modulation requirements without predistortion when 

amplifying uplink WCDMA and LTE (20MHz, 16-QAM) signals.  

5.4 Comparison of State-of-the-Art PAs 

The performance of the PAs in Paper 5 [19] and Paper 6 [20] are compared with 

published fully integrated Class-D and outphasing PAs in Table 5-1, and the fully 

integrated polar modulated PAs and linear (Class-AB) PAs listed in Table 5-2 and Table 

5-3. The PAs are sorted with regard to output power. The linear PAs have reached 

higher output powers, partly explained by the lower fundamental tone in Class-D PAs 

compared to linear PAs. However, it should be noticed that Class-D PAs recently have 
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gained increased research interest and that +30dBm Class-D PAs have just been 

targeted and demonstrated as late as this year (2011) [19], [20], [28].   

Comparing the PAE of the published PAs at GHz frequencies, the best PAE of 

+30dBm Class-D PAs is almost 30%, while the PAE of most linear PAs is around 35-

40%. Note that the PA in [42] is a PA module, where the transformers are put on a 

separate high-resistivity Si substrate. Comparing the peak PAE of the polar modulated 

PAs with output power around +30dBm to +32dBm, the efficiency is in the same order 

as for the linear PAs.  

 For many applications the peak PAE is not of interest due to the various modulation 

schemes including amplitude modulation. Therefore, in the tables a column is included 

indicating the PAE given a specific back-off in dB. Recent Class-D PAs [24], [26], [28] 

demonstrate efficiency enhancement schemes making them achieve an efficiency of 

~15% at ~7dB back-off, which is comparable to most of the linear PAs. As the Class-D 

PA in Paper 5 [19] used a large supply voltage of 5.5V, it is suitable for polar 

modulation by modulating the supply voltage. At +22.7dBm and +19.7dBm (7dB and 

10dB of back-off) when the supply voltage is reduced, the PAE is still as high as 20% 

TABLE 5-1: COMPARISON OF STATE-OF-THE-ART FULLY INTEGRATED CLASS-D AND OUTPHASING RF PAS 

Ref., Year Peak 

Pout 

[dBm] 

VDD  

[V] 

DE  

[%] 

PAE  

[%] 

PAE [%], 

BO [dB]
c
 

f  

[GHz] 

Tech. 

[nm] 

BW 

[GHz] 

[21] Nam, 2010 +21.6 1.9 64.0 52.0 21, 7 1.92 130 0.30
a
 

[22] Chowdhury, 

2010 

+21.8 1.0 - 44.2 18, 7 2.25 65 1.00
a
 

[23] Palaskas, 2010 +25.1 2.0 - 40.6 18, 7 2.40 32 1.00
a
 

[24] Yoo, 2011 +25.2 2.5 - 55.2 32, 7 2.25 90 1.00
b
 

[25] Xu, 2011 +25.3 2.0 - 35.0 22, 5.7 2.40 32 1.00
a
 

[26] Yoo, 2011 +27.0 - - 26.0 15, 7 2.4 90 >0.7
b
 

[7]
d 

Xu, 2009 +28.1 2.4 - 19.7 8, 7 2.25 45 0.60
b
 

[27]
e
 Walling, 2009 +28.6 2.5 - 28.5 12, 6 2.2 65 - 

[19] Fritzin, 2011 +29.7 

+30.5 

5.5 

6.0 

30.2 

29.7 

26.6 

26.5 

8, 6.6 1.95 

1.95 

65 1.60
b 

1.60
b
 

[28]
f
 Tai, 2011 +31.5 2.4 - 27.0 12, 6.5 

16, 6.7 
2.40 45 1.70

b
 

[20] Fritzin, 2011 +32.0 5.5 20.1 15.3 4, 7 1.85 130 0.90
b
 

(a) 1dB bandwidth  

(b) 3dB bandwidth 

(c) PAE for a given back-off (BO) in dB from Peak Pout. Values are explicitly written or extracted 

from graphs 

(d) Utilize predistortion 

(e) Class-E PA 

(f) Utilizing the dynamic power control (DPC) 
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and 17%, respectively. These efficiency numbers are competitive compared to the PAs 

listed in Table 5-2 and Table 5-3, even if an amplitude modulator would lower the 

efficiency. It should be noticed that some of the linear PAs utilize predistortion [40], 

[43], to be able to operate the PA closer to their compression point with higher 

efficiency.  

Major benefits of Class-D PAs are the load impedance insensitivity and the 

bandwidth. While linear PAs use tuned amplifier stages limiting the bandwidth, the 

bandwidth of Class-D PAs is maintained through the amplification chain to the load, 

where transformers with high bandwidth can be used for impedance transformation 

[19], [20] (even though tuning capacitors are usually used to reduce the losses between 

the primary and secondary windings). Comparing the bandwidth of Class-D PAs [19], 

[20], [28], they have about twice the bandwidth of the linear PAs and polar modulated 

PAs. This is a beneficial property for Class-D PAs as cellular terminal PAs are desired 

to cover a large number of frequency bands, to reduce the total number of PAs required 

to cover all frequency bands from 700MHz to 2.6GHz in LTE and WCDMA [44], [45] 

(neglecting band 42 and 43 at 3.4GHz and 3.6GHz in LTE). To optimize the 

performance in a specific frequency band and output power, tunable matching networks 

may be necessary [46]. Moreover, Class-D PAs has benefited from the scaling of 

TABLE 5-2: COMPARISON OF STATE-OF-THE-ART FULLY INTEGRATED POLAR MODULATED RF PAS 

Ref., Year Peak 

Pout 

[dBm] 

VDD  

[V] 

DE  

[%] 

PAE  

[%] 

PAE [%], 

BO [dB]
c
 

f  

[GHz] 

Tech. 

[nm] 

BW 

[GHz] 

[22] Chowdhury, 

2011 

+21.8 1.0 - 44.0 18, 8 2.25 65 0.8
a
 

[24]
d
 Yoo, 2011 +25.3 2.5 - 55.2 32.1, 6 2.20 90 1.0

b
 

[29]
e
 Reynaert, 2005  +27.0 3.3 - 34.0 22, 3 1.75 180 - 

[19]
d,e

 Fritzin, 2011 +29.7 5.5 30.2 26.6 20, 7 
17, 10 

1.95 65 1.60
b
 

[30]
e
 Brama, 2008 +30.5 2.5 55.0 48.0 20, 10 1.60 130 0.2

a
 

[31]
e
 Lee, 2010 +30.7 3.3 - 45.6 10, 10 1.60 180 >0.5 

[32]
e
 Park, 2007 +32.0 3.3 - 40.0 30, 6 1.90 180 - 

[33]
e
 Lee, 2008 +32.2 3.3 39.0 35.6 32, 6 1.88 180 - 

[34]
e
 Kim, 2007 +33.5 3.3 - 41.0 - 1.90 180 - 

(a) 1dB bandwidth  

(b) 3dB bandwidth 

(c) PAE at back-off (BO) in dB from Peak Pout. Explicitly written or extracted from graphs 

(d) Class-D PA 

(e) The supply voltage is lowered. Efficiency numbers do not include amplitude modulator 
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CMOS with higher switching speeds, making Class-D PAs suitable for nanometer 

CMOS technologies.  

As Class-D output stages operate as inverters, the drain voltage is tied to either VDD 

or GND, and therefore they are insensitive to load variations (also seen in simulations) 

compared to the Class-A/AB/B PAs. Of course the output power depends on the load, 

but no voltage peaks would occur at the drain, potentially destroying the device. In 

Class-A/AB/B PAs, where the drain voltage depends on the load, a stacked-cascode 

output stage may be necessary to handle load mismatch conditions [47], [48]. 

The drawback of utilizing Class-D amplifiers is that significant power will be lost in 

the harmonics, contaminating the frequency spectrum, and also result in short-circuit 

power dissipation. If the Class-D stage behaves as an ideal voltage source, but with 

eliminated, or at least smaller harmonics, the amplifier stage can also be used for 

outphasing. A Class-D stage with suppression of the 3rd harmonic and short-circuit 

current elimination is described in Paper 7 [49] and analyzed in Paper 9 [50]. 

TABLE 5-3: COMPARISON OF STATE-OF-THE-ART FULLY INTEGRATED LINEAR RF PAS 

Ref., Year Peak 

Pout 

[dBm] 

VDD  

[V] 

DE  

[%] 

PAE  

[%] 

PAE [%], 

BO [dB]
 c

 

f  

[GHz] 

Tech. 

[nm] 

BW 

[GHz] 

[35] Liu, 2008 +27.0 1.2 32.0 - 15, 6 2.40 130 - 

[36] Tan, 2011 +28.0 1.8 - 31.9 15, 6 2.75 32 0.45
b
 

[37] Chowdhury, 

2009 

+30.1 3.3 36.6 33.0 12.4, 7 2.30 90 0.70
b
 

[38] Kim, 2011 +31.0 3.3 - 34.8 23, 5 
15, 8.7 

2.50 180 - 

[39] An, 2008 +31.2 3.3 - 41.0 - 1.80 180 - 

[40]
e
 Afsahi, 2010 +31.5 3.3 - 25.0 14, 7 2.45 65 0.80

b
 

[39] An, 2008 +32.0 3.3 - 30.0 - 1.80 180 - 

[41] Degani, 2009 +32.0 3.3 - 48.0 25, 7 2.50 90 >1.4
b
 

[42]
d
 Kim, 2011 +32.5 3.5 - 48.0 18, 7 1.80 180 - 

[43]
e
 Afsahi, 2010 +33.5 3.3 44.2 37.6 22, 7 2.40 65 0.40

b
 

(a) 1dB bandwidth  

(b) 3dB bandwidth 

(c)  PAE at back-off (BO) in dB from Peak Pout. Explicitly written or extracted from graphs 

(d) The PA in [42] is a PA module, where the transformers are put on a separate high-resistivity Si 

substrate 

(e) Utilize predistortion 
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5.5 Predistortion of Class-D Outphasing Amplifiers 

Introducing a gain mismatch, ∆G, and phase mismatch, ∆φ, in the path of s1(t) in 

Figure 5.2, it is clear from (5.16) [14] that besides the amplified signal a part of the 

quadrature signal remains. The quadrature signal has a larger bandwidth than the 

original signal, s(t), due to the non-linear operation to create it. Figure 5.8 shows the 

power spectral densities of s(t), s1(t), and e(t) for an uplink WCDMA signal. The 

spectrum of the quadrature signal extends far into the adjacent and alternate channels 

[51] and degrades system performance measures like ACLR and margins to the spectral 

mask unless the quadrature signal is cancelled in the power combiner. Therefore a low 

level of phase and gain mismatch is required between the two signal paths and is 

difficult to achieve without a feedback system. Besides a distorted spectrum, the 

mismatch between the two stages will limit the dynamic range in the output stage [52]- 

[56]. 

Previous predistortion methods of RF PAs include model-based predistorters using 

model structures such as Volterra series [57], parallel Hammerstein structures [58], or 

look-up tables [59], which also can be made adaptive [60]. With the increased interest 

in linearized switched amplifiers, like the outphasing amplifier, suitable amplifier 

models and predistortion methods are necessary. Phase-predistortion was evaluated for 

Chireix combiners in simulations and by using signal generators in measurements (no 

PA was used) [55]. A gain/phase imbalance minimization technique was verified in 

measurements in [61], and predistortion was used for high power devices in [62]. In 

 

Figure 5.8: Power spectral density of  s(t), s1(t),  

and e(t) for an uplink WCDMA signal 
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[62], the predistorter separately compensated for gain and phase imbalances, where the 

gain imbalance is eliminated by changing the amplitudes of the input outphasing 

signals. The gain imbalance can also be eliminated by adjusting the voltage supplies in 

the output stage [9], [13]. 

Paper 8 [63] presents a behavioural model structure and a model-based phase-only 

predistortion method suitable for outphasing RF amplifiers. The predistorter proposed in 

this paper compensates for both amplitude and phase distortion by changing only the 

phases of the two input outphasing signals. The proposed predistortion method has been 

used for EDGE and WCDMA signals applied to a Class-D outphasing RF amplifier 

with an on-chip transformer used for power combining in 90nm CMOS. The 

predistortion method was applied at the baseband level and has not been implemented in 

hardware. Based on a similar approach presented in Paper 10, an amplifier model and 

predistortion methods were developed and evaluated using a downlink WCDMA signal, 

where the ACLR was improved by more than 10dB. In Paper 11, a least-squares phase 

predistortion method was developed and evaluated for the +30dBm Class-D PA design 

[19] using WCDMA and LTE uplink signals, where the ACLR was improved by 

approximately 10dB. 
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Chapter 6 

CMOS Device Reliability 

6.1 Introduction 

With the tremendous scaling of MOS devices and reduction in fabrication cost, by 

utilizing a high level of integration of functionality, CMOS-based electronics is a mass-

consumer market. Another key factor behind the success of CMOS devices is the 

reliable operation of the devices. However, the reliable operation is only achieved at 

low supply voltages and within specified voltage ranges across the device terminals. 

This increases the design challenges in circuits with large voltage swings, like PAs [1], 

to achieve the desired output power while still having an acceptable lifetime.  

The PAs has predominantly been designed in other processes with faster and high-

breakdown voltage transistors, like GaAs HBT [2]-[4], LDMOS [5], [6], and silicon 

bipolar [7], [8]. However, while most low-voltage and I/O transistors in CMOS operate 

with a 1-3.3V supply, the output power of PAs for cellular standards is in the order of 

+30dBm and higher, representing a peak-to-peak voltage swing of 20V. This 

demonstrates the need for power combining structures and amplifier stages, which can 

handle a high supply voltage (and voltage stress) to lower the losses in the matching 

network and achieve a large bandwidth [9], while delivering the desired output power 

and providing “sufficient” reliability. In this chapter, the main degradation mechanisms 

of MOS devices are briefly discussed from a circuit designer's perspective.  
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6.1.1 Gate oxide breakdown 

Transistor scaling is ideally performed by keeping the electric field strength constant 

inside the transistor, while scaling the physical dimensions of the MOS device. Thus, 

with the shrinking thickness of the gate oxide (e.g. 1.2nm in a 65nm process) and the 

shorter channel lengths, the supply voltage has to be reduced. Gate oxide breakdown 

results in permanent damage to the device and is caused by tunneling currents through 

the oxide due to high electric fields across the oxide and result in oxide defects. When 

the breakdown occurs, it may appear as an ohmic connection (a short) between the gate 

and the silicon substrate. 

The voltage stress across the oxide varies, depending on how the device is utilized in 

the circuit. Considering Class-E amplifiers discussed in Chapter 3, the drain voltage 

approaches 3.56VDD when the device is in its off-state, i.e. the gate is tied to GND. 

Thus, the maximum field appears at the oxide edge between the gate and the drain. A 

common practice has been to keep the maximum voltage drops across the devices below 

2VDD,nominal. In that way, the field across the oxide never exceeds the breakdown field of 

~1V/nm gate oxide [10], [11].  However, considering Class-E PAs, the gate-drain 

voltage swings often do exceed these recommendations during RF operation. As 

discussed in [12], [13], the impact of RF stress is not as damaging as DC stress. During 

RF operation, the Time-Dependent Dielectric Breakdown (TDDB) is proportional to the 

root mean square (rms) value of the electric field applied to the gate oxide [10], [14], as 

shown in Figure 6.1. In [14], the transistors had similar time-to-failure when rms RF 

and DC stress experiments were compared.  

In Paper 5 [15] and Paper 6 [16] a Class-D stage, shown in Figure 6.2, with a 5.5V 

supply was proposed, where the rms electric fields between gate-drain, gate-source, and 

gate-bulk were <0.7 V/nm gate oxide. This is expected to result in a lifetime of more 

 

Figure 6.1: Time-Dependent Dielectric Breakdown (TDDB) plotted versus oxide 

rms field value measured at DC, 80MHz and 1.8GHz [14] 
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than 10 years [17]. If only the thin oxide devices, T1 and T4, were driven in the output 

stage in [16], the output power would is reduced and the rms electric fields between 

gate and drain of T1 and T4 do increase. This would require either a lower VDD2 or fixed 

bias levels >VDD2/2+VDD1/2 for T2 (or <VDD2/2-VDD1/2 for T3), further reducing the output 

power. The PA in [15] was operated for 168 hours without any sign of performance 

degradation.  

6.1.2 Hot carrier degradation 

Hot Carrier (HC) stress occurs when carriers are accelerated in the channel because 

of a high field between the drain and the source [10], [17]. Due to high electric field, 

some of the hot carriers can collide with the silicon lattice and cause impact ionization 

as illustrated in Figure 6.3. The accelerated carriers may also result in avalanche 

multiplication and surface defects, causing reduced carrier mobility in the channel. The 

threshold voltage may also shift, caused by trapped charges in the oxide, degrading the 

PA performance over time.  

 

Figure 6.2: Class-D stage proposed in Paper 5 [15] and Paper 6 [16] 

 

 
Figure 6.3: Hot carrier stress 
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For HC stress to occur, the device must conduct a sufficient current, while having a 

large VDS. For devices with channel length >100nm [10], [18], HC stress typically 

occurs when the drain-source voltage is larger than maximum rated VDS while VGS is 

around half the drain-source voltage. For devices with channel length shorter than 

100nm, maximum HC stress occurs for VGS = VDS and for VDS greater than the maximum 

rated VDS. Considering switching amplifiers, like Class-D/E, there is only a small 

voltage drop across the transistor when it conducts current. This can be compared to 

linear Class-A PAs, which have a significant voltage across the device while conducting 

current. Thus, switching amplifiers are less disposed to suffer from HC stress compared 

to linear PAs. 

6.1.3 Punch-trough and drain-bulk breakdown 

While large transistor terminal voltages may damage the oxide, large voltages may 

also cause other effects like punch-through and drain-bulk breakdown. When the gate 

bias of a transistor is absent, the current flowing between the drain and source is very 

low as the drain-bulk/source-bulk diodes are connected back-to-back with different 

polarities. Increasing the drain voltage will cause the drain-bulk depletion region to 

extend to accommodate the voltage drop. Continuously increasing the drain voltage will 

make the depletion regions approach each other, as illustrated in Figure 6.4, and 

increase the current between the drain and the source even without substantial gate bias. 

Compared to gate oxide breakdown and HC stress, punch-through is not directly a 

destructive phenomenon. However, a larger current and large voltage drop across the 

device may result in thermal issues and also generate hot carriers.  

While ensuring that VDS and the electric field across the oxide are sufficiently small, 

the drain-bulk diode can experience a significant voltage if VD is continuously 

increased. As the bulk, in a standard CMOS process, is connected to a fixed electric 

potential (often GND), the diode reverse bias voltage is directly proportional to the 

drain voltage. However, compared to the above-mentioned stress phenomena, the drain-

bulk diode breakdown occurs at high rather voltage levels around 10V in nanometer 

technologies [16]. As the Class-D output stage in Figure 6.2 operates as an inverter, the 

drain voltage is tied to either VDD2 or GND and therefore it is less sensitive to load 

variations (seen in simulations) compared to Class-A/AB/B PAs. Naturally the output 

power would vary depending on the load, but no voltage peaks would occur at the drain 

potentially destroying the device. In Class-A/AB/B PAs, where the drain voltage 

depends on the load, stacked-cascode output stage may be necessary to handle load 

mismatch conditions [19], [20]. 

6.1.4 Required time of operation 

As concluded in this chapter, the lifetime of the devices strongly depends on the 

voltages applied on the device terminals. A natural question to ask is what is a 

reasonable lifetime of a PA? While digital circuits usually are designed with a low 

supply voltage and low device voltage stress for low power operation with an expected 

lifetime of at least 10 years, terminal PAs may have a significantly lower required 

lifetime when considering the time the PA is actually operated. In [10], a test time of 
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168 hours (1 week) at elevated supply voltage is considered to cover more than five 

years of product reliability for WLAN. Assuming a 2G GSM phone with a 12.5% duty 

cycle (1 out of 8 time slots), four hours of talk time per day for 1.5 years (estimated 

lifetime of handset PA) [21], represents only ~275 hours of continuous PA operation.  

These examples show that the required lifetime during operation is significantly 

lower than years and can be measured in terms of weeks. However, we should keep in 

mind that these calculations are only relevant for terminal/user equipment, whereas the 

required lifetime in base station PAs is significantly longer. 

This chapter has briefly described the major breakdown mechanisms in CMOS 

devices. While the transistor degradation is important to consider in order to maintain 

the functionality of the circuits, it has been discussed and shown that the transistor 

voltage stress can be used as a design parameter in PAs to maximize performance and to 

ensure sufficient lifetime. 
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Chapter 7 

Conclusions and Future Work 

7.1 Summary 

The power amplifier (PA) is a key building block in all RF transmitters. To lower 

the costs and allow full integration of a complete radio System-on-Chip (SoC), it is 

desirable to integrate the entire transceiver and the PA in a single CMOS chip. While 

digital circuits benefit from the technology scaling, it is becoming harder to meet the 

stringent requirements on linearity, output power, bandwidth, and efficiency at lower 

supply voltages in traditional PA architectures, such as the Class-A PAs in Paper 1 and 

Paper 2. This has recently triggered extensive studies to investigate the impact of 

different efficiency enhancement and linearization techniques, like polar modulation 

and outphasing with Class-E, Paper 3 and Paper 4, and Class-D PAs, Paper 5 - Paper 

8, in nanometer CMOS technologies. While the reduced dimensions of the transistors in 

nanometer CMOS technologies require lower supply voltages, it is desirable to operate 

the PAs with a supply voltage as high as possible to maximize output power and 

efficiency. This raises reliability concerns in PAs with large voltage swings, such as the 

Class-E PA in Paper 4. Therefore, it is necessary to evaluate the impact of the large 

voltage swings on the reliability to ensure an acceptable lifetime of the PA. 

This thesis has addressed the potential of integrating highly linear and power-

efficient PAs in nanometer CMOS technologies at GHz frequencies. In total eight 

amplifiers have been designed - two linear Class-A PAs, Paper 1 and Paper 2, two 

low-voltage switched Class-E PAs, Paper 3 and Paper 4, and four Class-D PAs, Paper 

5 - Paper 8, linearized in outphasing configurations. Based on the outphasing PAs, 

amplifier models and predistorters have been developed and evaluated for uplink 
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(terminal) and downlink (base station) signals as presented in Paper 8, Paper 10, and 

Paper 11. 

As the output of a Class-D stage switches between VDD and GND, it becomes robust 

against load impedance variations, which are common in handheld devices [1], [2]. 

However, to overcome the lower output power of Class-D PAs compared to Class-

A/AB/B PAs, given the same supply voltage and load resistance, a Class-D stage 

operating at a 5.5V supply voltage without excessive device voltage stress has been 

presented in Paper 5 and Paper 6. The Class-D stage has been used in two PAs 

designs, among the first Class-D RF PAs reaching +30dBm, in 65nm and 130nm 

CMOS technologies. The PAs demonstrate a state-of-the-art output power of +32dBm, 

Paper 6, and state-of-the-art 3dB bandwidth of 1.6GHz, Paper 5, for Class-D PAs. 

Comparing the 3dB bandwidth with the bandwidth of linear PAs it is twice as large as 

for most of the state-of-the-art linear (Class-A/AB/B) PAs with similar output power. 

The large bandwidth is useful in cellular applications as it potentially could reduce the 

number of PAs required to cover all frequency bands from a few hundred MHz to some 

GHz. 

A Class-D stage, presented in Paper 7 and analysed in Paper 9, cancelling the third 

harmonic in the output spectrum and improving drain efficiency is a solution for 

amplifiers to reduce the harmonic distortion over a large frequency range. The Class-D 

stage has demonstrated to be useful in outphasing applications as well. 

In theory two switched PAs linearized in an outphasing configuration results in a 

perfectly linear and power efficient PA. However, in real implementations the 

individual amplifier stages experience gain and phase mismatches, distorting the 

spectrum. Based on Class-D outphasing PA implementations, amplifier models and 

phase-only predistorters have been proposed to compensate for amplitude and phase 

mismatches within the dynamic range of the PA as presented in Paper 8, Paper 10, and 

Paper 11. As shown by measurements, the spectral performance of a Class-D PA can 

be significantly improved by only adjusting the phases of the input signals for an 

outphasing PA with limited dynamic range. 

7.2 Conclusions and Future Work 

While the switched Class-D/E PAs have the potential of higher efficiency compared 

to traditional PA architectures, it is more challenging to reach the required dynamic 

range for some standards than if a linear PA would have been used. Thus, to achieve a 

large dynamic range, power combining methods [3] or mixed-mode PAs [4] are 

necessary to make the switched PAs a viable solution for applications requiring a large 

transmit power control. 

Comparing the peak and 7dB back-off (PAPR in LTE and WLAN) PAE of the fully 

integrated Class-D PAs with an output power between +25dBm and +30dBm, the PAE 

has until recently [3], [5], [6], been lower compared to linear and polar modulated PAs 

with a comparable output power. As Class-D PAs now reach the same output power 
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levels as other types of RF PAs by using Class-D stages with high supply voltages as in 

Paper 5 and Paper 6, potential research directions are to further investigate and 

develop efficiency enhancements methods for Class-D PAs as in [3], [5]. Due to the 

large bandwidth in Class-D, an improved version of the amplifier stage in Paper 7 

lacking the third harmonic but designed for higher output power could be a step towards 

a wideband PA with low harmonic distortion and improved drain efficiency.  

In general, the Class-D outphasing designs have demonstrated sufficient linearity 

without the need for predistortion, but for PAs with limited dynamic range and 

matching between the amplifier stages, a phase-only predistorter is a viable way to go to 

improve linearity as shown in Paper 8, Paper 10, and Paper 11. Compared to Paper 8 

and Paper 10, Paper 11 presents a least-squares predistortion method where no 

iterations are needed. 

In applications with lower output power requirements than cellular applications, like 

WLAN, the PA has successfully been integrated in CMOS and replaced the external 

PA. While traditional PA topologies are becoming challenging to design in nanometer 

CMOS technologies, switched and highly efficient PA architectures have gained 

research interest. However, while these PA architectures are attractive from an 

implementation point of view, they also have their own specific challenges and 

limitations when used in linearization schemes. Together the requirements on output 

power, efficiency, dynamic range, linearity, reliability, noise levels, and cost will be the 

key aspects determining whether the PA will be integrated together with the transceiver 

in CMOS for cellular applications. 
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Abstract This paper describes the design of a power

amplifier (PA) for 802.11n WLAN fabricated in 65 nm

CMOS technology. The PA utilizes 3.3 V thick gate oxide

(5.2 nm) transistors and a two-stage differential configu-

ration with integrated transformers for input and interstage

matching. A methodology used to extract the layout

parasitics from electromagnetic (EM) simulations is

described. For a 72.2 Mbit/s, 64-QAM, 802.11n OFDM

signal at an average and peak output power of 11.6 and

19.6 dBm, respectively, the measured EVM is 3.8%. The

PA meets the spectral mask up to an average output power

of 17 dBm.

Keywords CMOS � Power amplifier � Transformers �
Wireless LAN

1 Introduction

The power amplifier (PA) is a key building block in all RF

transmitters. To lower the costs and allow full integration

of a complete radio system-on-chip, it is highly desirable to

integrate the entire transceiver and the PA in a single

CMOS chip. However, integration of RF power amplifiers

in low-cost CMOS technologies proves to be a challenging

task [1].

While digital circuits benefit from the technology scal-

ing, it is becoming significantly harder to meet the stringent

requirements on linearity, output power, and power effi-

ciency of PAs at lower supply voltages and in the presence

of large on-chip parasitics [2]. This has recently triggered

extensive studies to investigate the impact of different

circuit techniques, design methodologies, and design trade-

offs on functionality of PAs in deep-submicron CMOS

technologies [3]. Particularly, the demand for higher data

rates in wireless communication has led to an increased

interest in modulation schemes utilizing both phase and

envelope modulation, necessitating a special focus on

design issues for linear CMOS PAs to amplify signals with

high Peak-to-Average-Power Ratio (PAPR), as in 802.11n

WLAN. Due to the large PAPR values, there is an inherent

conflict between power-added efficiency and linearity, as

the PA has to back-off significantly from the maximum

output power in order not to cause significant distortion.

Assuming a signal with PAPR of 10 dB, the efficiency of

an ideal Class-A amplifier cannot be higher than 5% [4].

Nonetheless, it is important to minimize power consump-

tion to increase battery operation time and also minimize

heat dissipation.

Several high performance PAs for WLAN have been

fabricated in 180 nm [5, 6] and 90 nm [7] CMOS tech-

nologies. In this paper, we present the design and evalua-

tion of a linear 2.4 GHz WLAN PA [8] in 65 nm CMOS

supporting the IEEE 802.11n draft standard. The PA uti-

lizes 3.3 V thick gate oxide CMOS transistors and inte-

grated transformers for input and interstage matching. The

output matching network is located off-chip, on a FR4

PCB, and is realized by lumped components. This paper

discusses the design and implementation of the PA,

including the circuit architecture, modeling and design of

the transformers, the extraction of the layout parasitics,

and the output matching network design, which is followed

by the experimental results.

J. Fritzin (&) � A. Alvandpour

Division of Electronic Devices, Department of Electrical
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2 Design and implementation of the power amplifier

The PA utilizes 3.3 V thick gate oxide CMOS transistors

with a gate length of 0.6 lm and integrated transformers

(T1 and T2) for input and interstage matching. Figure 1

shows the differential design and the two amplifier stages,

as well as the integrated transformers and tuning capacitors

(C1 and C2). Transformers have not been commonly used

in integrated CMOS PAs until recently, and it has been

shown that they can provide sufficient performance for

impedance matching purposes [9, 10]. Since the primary

and secondary windings of the implemented transformers

are galvanically isolated, we can use the center taps for

either biasing of the input device in the cascode stage, as in

the first transformer, or power supply of the cascode stage,

as in the second transformer.

To ensure reliable operation and protect the transistors

from hot electrons and breakdown due to high voltage

peaks, each amplifying stage uses a pair of transistors in a

cascode configuration, which also increases the output

resistance and reduces unwanted capacitive feedback [11].

To provide highest protection for the transistors, the gates

of the cascode transistors should be biased at VDD, but a

lower bias level can provide better performance [10]. As

the 65 nm process was still under development, informa-

tion on reliability issues due to hot carriers in the thin oxide

devices was limited, and a conservative approach, using a

cascode structure with two thick oxide devices with long

channel length, was taken. The minimum channel length of

the thick gate oxide transistor was 0.6 lm, which also leads

to a low gain of the transistors. Therefore, to achieve a

sufficiently high gain, large transistor widths were used, 0.8

and 6 mm for the first (M1 and M2) and second (M3 and

M4) amplification stages, respectively. In [12] it is shown

that a combination of a thin oxide and thick oxide device in

the cascode structure can provide sufficient reliability for

WLAN products in nanometer technologies. Using a

combination of a thin oxide and thick oxide device could

increase the gain of the PA, due to the shorter gate length,

and lower the driving requirements of the first stage as the

input impedance of the required thin oxide device can be

higher.

3 Transformer model and losses

In [9] the relationship between the voltages and currents in

the primary and secondary windings of an ideal trans-

former in Fig. 2 is described. Suppose that an impedance,

Zs, is connected to the secondary side, then the primary side

experiences an impedance, Zp, which relates to each other

according to the turns ratio, n, as defined in Eq. 1.

n ¼
ffiffiffiffiffi

Ls

Lp

s

¼ V2

V1

¼ I1

I2

¼
ffiffiffiffiffi

Zs

Zp

s

ð1Þ

Consequently, different winding schemes result in different

impedance transformation ratios, which mean that the

transformer can be used for impedance matching/

transformation purposes. A more detailed analytical

model of the transformer is the T-model, described in

[13], where the efficiency was derived to be as follows (for

optimum choice of Lp and consideration of tuning

capacitors [14]):

g ¼ 1

1þ 2

ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi

1þ 1
QPQSk2

� �

1
QPQSk2

r

þ 2
QPQSk2

ð2Þ

In Eq. 2, QP and QS are the quality factors of the pri-

mary and secondary sides, respectively. From Eq. 2, we

can see that the efficiency can be maximized by using a

coupling factor, k, as close as possible to unity and making

the Q of the primary and secondary windings, as large as

possible. However, the number of turns and the inductances

are limited by the substrate and interwinding parasitic

capacitances and operating frequency, making it chal-

lenging to find an optimum transformer design. Moreover,

in this PA design the inductances of the transformers are

limited by the large capacitances of the transistors since the

transformers are used for input and interstage matching.

The designs of the planar square transformers are based

on a model described in [15] and are implemented as

coupled inductors. The model in Fig. 3 includes coupling

to the substrate, inductances, and the coupling between theVcasc1Ibias1 Vcasc2Ibias2VDD

R2 M6R1 M5

M4

M3

M3

M4

M2

M1

M1

M2
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C1
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Fig. 1 Simplified schematic of the PA
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primary and secondary sides, parasitic capacitances, and

the series resistance of the windings.

To reduce the resistive losses at primary and secondary

sides, the two upper layers in the seven-metal stack are

connected to form one conductor. The thicknesses of the

aluminum and copper layers are 1.3 and 0.6 lm, respec-

tively. The winding ratios of the transformers, in Fig. 1, are

2:3 (T1) and 3:2 (T2) with a coupling factor of *0.7 for

both transformers. Estimations of the power losses in the

transformer can be calculated by the maximum available

gain, Gma, based on S-parameters for any termination

impedances calculated according to Eqs. 3 and 4, and is a

measure of the gain of a system when the source and load

reflection coefficients are conjugately matched to S11 and

S22 [16].

Gma ¼
S21

S12

�

�

�

�

�

�

�

�

ks �
ffiffiffiffiffiffiffiffiffiffiffiffiffi

k2
s � 1

q

� �

ð3Þ

where ks is the stability factor defined as:

ks ¼
1� S11j j2� S22j j2þ S11S22 � S12S21j j2

2 S12j j S21j j ð4Þ

The simulated maximum available gain, Gma, for the input

and interstage transformers is approximately -2.2 dB for

both transformers at the target operating frequency of

2.45 GHz. Gma is plotted in Fig. 4 up to the approximate

self-resonant frequency, which is close to 5 GHz.

Besides biasing possibilities through the center taps of

the transformer, the galvanic isolation also features an ESD

protective function (for stand-alone devices) at the input of

the PA. LNA implementations have shown that protection

up to 5 kV is feasible [17] by using transformers.

4 Parasitics extraction

Extraction of interconnect parasitics and inherited losses

are used to predict the frequency behavior and gain of the

PA. In our simulation model, the signal traces are

approximated by series inductance and series resistance,

which are extracted through electromagnetic (EM) simu-

lations using Agilent Advanced Design System (ADS).

To meet the current density limitations, and to reduce

the losses in the drain and source connections at the output

transistors, several metal layers were stacked on top of

each other in the structure, as shown in Fig. 5. For such a

structure, the capacitive coupling between gate, source, and

drain is increased. Since not all the metal layers are not

included in the existing transistor model, we need to add

the parasitic capacitances, while taking into account the

associated dielectric losses [18], into our extended model.

The values were extracted through EM simulations and

added in the simulation model as series connections of

capacitance and resistance between the gate, drain, and

source, as seen in Fig. 6. Additionally, there will be an

interconnect resistance between the drain (Minput) and

source (Mcasc). But by making the transistors wide with

multiple fingers and using several metal layers as shown in

Fig. 5, the resistive drop across this resistance was reduced

to a few mV and therefore this resistance was omitted in

Fig. 6. The large transistors were split into gate widths of

20 lm (connected on both sides), resulting in 40 and 300

4Rsubsec

Csg/4
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4Rsubsec

4Rsubprim

Cpg/4
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fingers for the transistors in the first and second amplifier

stages, respectively.

The S-parameters were converted to Z-parameters [19]

of the reciprocal network [18] into a T-type connection and

by applying expression 5 and 6, the parasitic component

values were approximated at the operating frequency. For

differential signals, Eq. 5 was applied to calculate the

differential impedance (Zdd). For single-ended excitation,

Eq. 6 was applied to calculate the input impedance at port

1 (Zse) [20].

Zdd ¼ Z11 � Z12 � Z21 þ Z22 ð5Þ
Zse ¼ Z11 � Z12Z21=Z22 ð6Þ

To accurately model the gate resistance at high

frequencies, we added a vertical gate resistance [21] as in

Fig. 7, which due to dopant segregation during silicidation

can be relatively high, and thus will influence the gain of

the PA and fmax [22]. In Fig. 6, this resistance is denoted as

Rvgr, inserted in series with the lateral gate resistance,

Rlateral, which is calculated by the gate sheet resistivity and

layout geometry. The sum of both resistance values for the

first and second amplifier stages are *1.6 X and 250 mX,

respectively, and the vertical gate resistance represents

*20% of the total gate resistance in our design. The

estimated impact of these resistances is a gain reduction of

1.6 dB.

For evaluation of the PA design, the schematic from

Cadence was simulated in ADS WLAN 802.11 g testbench

together with the layout of the fabricated testboard using

RFIC Dynamic Link. In such a setup the influence of the

parasitics can be evaluated.

5 Off-chip matching network

The PA utilizes an off-chip lumped element balun [23]

(Fig. 8) for differential-to-single-ended conversion and

load impedance transformation. A pre-matching capacitor

(CP) was used before the balun to compensate for the

bondwire inductance and interconnection lines from the PA

to the balun. For simplicity we assume that the bond-wire

inductance [24] and the interconnections from the PA to

the balun can be represented by LP, and that the balun

makes an impedance transformation from a resistive value

R2 to a resistive RL. As the pre-matching capacitor is added

in front of the balun, two impedance transformations are

performed. One impedance transformation is done at the

immediate output of the PA, from a complex load Z1 to R2,

and one transformation from R2 to RL. As we are adding

matching components we may potentially lower the

impedance transformation ratios from Z1 to R2, and R2 to

RL (Re{Z1} \ R2 \ RL), such that the overall matching

network become less sensitive to component variations and

that a wider bandwidth can be achieved [25].

VDD
RFout
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Cds.par

Cgd.parRgd.par
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Rvgr Rlateral

Rvgr Rlateral

RFin
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Fig. 6 Model of cascode stage with parasitics
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Based on these assumptions, a matching network with a

complex load Z1, the component values of CP, LBx, and CBx

can be calculated according to Eqs. (7–9).

CP ¼
2LPx� Im Z1f g

x Re Z1f g2þ4L2
Px

2 � 4LPxIm Z1f g þ Im Z1f g2
� �

ð7Þ

R2 ¼
Re Z1f g2þ4L2

Px
2 � 4LPxIm Z1f g þ Im Z1f g2

Re Z1f g
ð8Þ

ffiffiffiffiffiffiffiffiffiffi

R2RL

p
¼ xLB1 ¼ xLB2 ¼

1

xCB1

¼ 1

xCB2

ð9Þ

The differential output stage also implies some additional

aspects, besides the available double voltage swing, as each

amplifier stage can utilize a lower power enhancement ratio

[3, 13] such that the efficiency can be higher than if a

single-ended PA with a single L-match would have been

used.

6 Experimental results

Figure 9 shows the photograph of the PA, with a size of

1 9 1 mm2. The chip was directly bonded on the testboard,

which was a two-layer 0.5 mm thick FR4 PCB with er of

4.2 and tan d of 0.035 as shown in Fig. 10. The input power

to the testboard was applied differentially with an external

50–100 Ohm balun connected to the signal source.

The target frequency of the PA was set to 2.45 GHz in

the design work. After tuning of the output matching net-

work, the best performance in terms of power gain was

found at 2.48 GHz. For a frequency offset of ±30 MHz

around 2.48 GHz, the drop in gain was measured to be

0.4 dB (2.45 GHz) and 0.2 dB (2.51 GHz), respectively.

The input and output 1 dB compression points (P1 dB)

at 2.48 GHz were found to be 2.6 and 19.6 dBm, with a

power-added efficiency (PAE) of 5.8%. Plots of the

measured average output power, EVM, and gain are

provided in Fig. 11 and 12 for a 72.2 Mbit/s, 64-QAM,

802.11n OFDM signal, while using a supply voltage of

3.3 V. Compared to 802.11 g, the data rate of 802.11n is

increased from 54 to 72.2 Mbit/s by the use of more

subcarriers, shorter guard interval, and 5/6 coding

rate [26].

For an input signal with PAPR of 9.1 dB, the PA gave

an EVM of 3.8% at an average output power of 11.6 dBm,Fig. 9 Chip (1 9 1 mm) photo of the PA

Fig. 10 FR4 PCB: Input to the left and output to the right

Fig. 11 RF performance (Pin, Pout, Gain)

Fig. 12 RF performance (Pin,av, Pout,av, EVM)
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and 5.4% at 13.4 dBm average output power with a PAE of

1.4%. Due to the high linearity requirements of OFDM

modulation, the PA was biased in class-A which leads to

large bias currents and low PAE [6]. Additionally, simu-

lations indicate that there is design space for load imped-

ance improvement to get a higher output power.

The measured output spectrum of a WLAN 72.2 Mbit/s,

64-QAM, 802.11n OFDM signal for a 20 MHz channel is

plotted in Fig. 13. As seen in the figure, the PA meets the

spectral requirements of the 802.11n draft 2.05 [26]. The

PA showed an average output power of 17 dBm with an

EVM of 13.1%.

In Table 1 the performance of the implemented PA and

some recently presented WLAN PAs is listed. The trans-

former-based PA in this work has similar average output

power compared to recently presented WLAN PAs. How-

ever, our PA is capable of running at a lower supply

voltage than [6], maintaining a low EVM for a 802.11n

OFDM signal with more subcarriers than 802.11 g [5, 6],

and is implemented in a more advanced technology with

increased resistances in the interconnects [2].

7 Summary

The paper has presented a transformer-based CMOS PA for

WLAN 802.11n, fabricated in 65 nm CMOS. A method-

ology to extract the layout parasitics from electromagnetic

(EM) simulations was described. The PA meets the EVM

and spectral requirements for a 72.2 Mbit/s, 64-QAM,

802.11n OFDM signal, at an average output power of

11.6 dBm, with an EVM of 3.8%.
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Sweden, in 2004. Since Febru-

ary 2007, he has been a Ph.D.

student in the Electronic Devi-

ces research group of the

Department of Electrical Engi-
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Abstract—This paper describes the design of two power 
amplifiers (PA) for WLAN 802.11n fabricated in 65nm CMOS 
technology. Both PAs utilize 3.3V thick-gate oxide (5.2nm) 
transistors and employ a two-stage differential structure, but the 
input and interstage matching networks are realized differently. 
The first PA uses LC matching networks for matching, while the 
second PA uses on-chip transformers. The impedance matching 
techniques applied for the matching networks will be described. 
EVM, output power levels, and spectral masks are obtained for a 
72.2Mbit/s, 64-QAM, 802.11n, OFDM signal. 
Index Terms—CMOS analog integrated circuits, power 
amplifiers, impedance matching, transformers, baluns. 

I. INTRODUCTION 
The power amplifier (PA) is a key building block in all RF 

transmitters. To lower the costs and allow full integration of a 
complete radio system-on-chip, it is highly desirable to 
integrate the entire transceiver and the PA in a single CMOS 
chip. However, integration of RF power amplifiers in low-cost 
CMOS technologies proves to be a challenging task [1].  

While digital circuits benefit from the technology scaling, it 
is becoming significantly harder to meet the stringent 
requirements on linearity, output power, and power efficiency 
of PAs at lower supply voltages and in the presence of large 
on-chip parasitics [2]. This has recently triggered extensive 
studies to investigate the impact of different circuit techniques, 
design methodologies, and design trade-offs on functionality 
of PAs in deep-submicron CMOS technologies [3]. 
Particularly, the demand for higher data rates in wireless 
communication has led to an increased interest in both phase 
and envelope modulations, necessitating a special focus on 
design issues for linear CMOS power amplifiers. 

Previously several high performance PAs for WLAN have 
been fabricated in 180nm [4], [5] and 90nm [6] CMOS 
technologies. In this paper, we present the design and 
evaluation of two linear 2.4GHz WLAN PAs in 65nm CMOS 
supporting the draft of the IEEE 802.11n standard. The first 
PA uses LC matching networks for input and interstage 
matching, while the second PA uses on-chip transformers. The 
paper discusses the different impedance matching techniques 
applied and the sources of losses in the matching networks 
will be described, followed by the experimental results of both 
designs.  

II. IMPEDANCE MATCHING 
The PAs in this work are realized as differential two-stage 

amplifiers with on-chip input (INP) and interstage (IM) 
matching, as shown in Fig. 1. After the second amplifier stage 
(PA2), an off-chip output matching network (OUT) is used for 
differential-to-single-ended impedance conversion.  

 

INP PA1 PA2IM OUT

ZINP 

VS 

   
ZS 

on-chip 
 

 
Fig. 1  Matching networks for a differential two-stage PA 

To ensure that the signal power is amplified and eventually 
delivered to the antenna, it is important to minimize the 
voltage reflections due to impedance mismatches, which cause 
power losses. 

The following section describes the design of the PAs and 
the impedance transformation techniques used for the input 
and interstage matching networks in the PAs. The output 
matching network will be discussed in the context of 
experimental results. 

III. DESIGN AND IMPLEMENTATION  
OF THE POWER AMPLIFIERS 

The PAs utilize 3.3V thick-gate oxide CMOS transistors 
with a gate length of 0.6μm, LC matching networks (Fig. 2) 
and integrated transformers (Fig. 3) for input and interstage 
matching. Both PAs are differential and use two amplifier 
stages.  

To ensure reliable operation and protect the transistors from 
hot electrons and breakdown due to high voltage peaks, each 
amplifying stage uses a pair of transistors in a cascode 
configuration. To provide highest protection for the transistors, 
the gates of the cascode transistors are connected to VDD.  

The width of the transistors in the second amplification 
stage (M3 and M4) is 6mm in both designs, while the 
transistors in the first amplification stage (M1 and M2) of the 



PA with LC matching networks and integrated transformers 
have a width of 0.4mm and 0.8mm, respectively. The 
differential structure enables a lower impedance 
transformation ratio for the off-chip output matching network, 
which leads to lower output currents and lower losses in the 
matching network compared to single-ended PAs [3]. 

 
 
 
 
 

 
 
 
 
 
 
 
 
 
 

Fig. 2  Simplified schematic of the LC-based PA 
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Fig. 3  Simplified schematic of the transformer-based PA 

A. PA with LC matching networks 
In Fig. 2 the differential inductor (L1) forms the input 

matching network together with the capacitors (C1) for the 
first amplifier stage. The capacitors (C1) are used to block the 
DC level of the input signal and for tuning to achieve 
resonance in the matching network at the operation frequency. 
C1 forms a voltage divider with the gate capacitance and 
layout parasitics, and in order to minimize the losses large 
capacitors (C1) may be needed. If the impedance of the 
matching network matches the impedance of signal generator 
at resonance, then the transfer of power is maximized and 
amplified. 

In the interstage matching networks, the capacitors (C2) 
form a voltage divider with the large gate capacitance and 
parasitic capacitances of the second amplifier stage. As for C1, 
the losses are minimized for large values of C2. However, the 
large gate capacitance and parasitic capacitances would 
require unreasonable small inductance values. Therefore it is 
advantageous to choose a smaller C2 and a larger L2, and 
permit some losses over C2, to achieve a high input impedance 

of the second amplifier stage and thereby increase the voltage 
gain. 

In the inductors, the two upper layers in the seven-metal 
stack are connected to form one conductor to reduce the 
resistive losses. At 2.45GHz the Q-values of the differential 
input and interstage inductors are approximately 8.5 (L1) and 
6.7 (L2), with inductor values of 4.1nH (L1) and 1.8nH (L2).    

B. PA with transformers in matching networks 
Fig. 3 shows the input section of the first amplifier stage of 

the transformer-based PA. One important feature is the 
galvanic isolation between primary and secondary side of the 
transformers (T1 and T2), which eliminates the need for a DC 
blocking capacitor. The galvanic isolation also enables 
independent biasing of the primary and secondary sides 
through the center taps of the transformers. 

Due to the relationships between voltages and currents [7], 
[8] in the primary and secondary windings, a transformer (Fig. 
4) can transform the input impedance to a desirable value 
according to the turns ratio, n, defined in Eq. (1).  
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Fig. 4  Ideal transformer model 
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To reduce the losses between the primary and secondary 
sides, resonant tuning has to be performed on both sides [8]. 
Creating cross-coupled dual resonance circuits [9] and 
achieving desired impedance levels makes it challenging to 
find an optimum transformer design. 

As for LC matching networks, it is equally important to 
consider losses in the transformers. Estimations of the power 
losses in the transformer can be calculated by the maximum 
available gain, based on S-parameters for any termination 
impedances [10]. The maximum available gain, Gma, is a 
measure of the gain of the system when the source and load 
reflections coefficients are conjugately matched to S11 and S22.  
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To reduce the resistive losses and improve the coupling 
between the primary and secondary sides, the two top layers 
in the seven-metal stack were connected to form one 
conductor. The thicknesses of the top aluminum and second 
top copper layers are 1.3μm and 0.6μm, respectively. The 
winding ratios of the transformers, in Fig. 3, are 2:3 (T1) and 

RFin+ 

RFin- 

C1 

C1 

L1 
L2 

VDD VDD 

C2 

C2 

M1 

M2 

M2 

M1 

M3

M4

M4

M3

Vcasc1 Vcasc2 

R1 
R2 

RFout-

RFout+ 

Vbias1 Vbias2 



3:2 (T2) with a coupling factor of approximately 0.7 for both 
transformers. The planar square transformers used in this 
design are based on a model described in [11]. Based on Eq. 
(2) and (3), the simulated maximum available gain, Gma, for 
the input and interstage transformers is approximately -2.15dB 
for both transformers. 

Since the transformer can provide balun functionality, 
single-ended excitation of the PA is possible by shorting one 
of the differential input signals to ground. However, single-
ended excitation would also narrow the available bandwidth 
due to different interaction with the substrate parasitics than 
for differential signals [8]. The transformer can also work as 
an ESD protecting device for stand-alone PAs. Recent LNA 
implementations show that protection up to 5kV is achievable 
[12]. 

IV. EXPERIMENTAL RESULTS 
Fig. 5 shows the photographs of the LC-based and 

transformer-based PAs. The size of both chips is 1x1 mm2. 
The chips were directly bonded on the testboard, which is a 
two-layer 0.5mm thick FR4 PCB with εr of 4.2 and tan δ of 
0.035. 
  
 
 
 
 
 
 
 
 
 

 

Fig. 5  Chip photos of the LC-based (a) and transformer-based (b) PAs 

The input power to the testboard is applied differentially 
with an external 50-to-100 Ohm balun connected to the signal 
source. The PA utilizes an off-chip lumped element balun [13] 
(Fig. 6) for differential-to-single-ended conversion and load 
impedance transformation. A pre-matching network (LP and 
CP) was used for load impedance tuning, and compensation of 
the bond wire inductance and interconnection lines from the 
PA to the balun (part of LP). For a differential-to-single-ended 
impedance conversion, from R2 to RL, the following equations 
apply at the operating frequency: 
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A. Measurement Results 
The input and output 1dB compression points (P1dB) at 

2.57GHz were found to be 5.5dBm and 17dBm for the LC-
based PA, with a power-added efficiency (PAE) of 3.3% and 
small-signal power gain of 12.5dB. For the transformer-based 
PA the corresponding compression points at 2.48GHz were 
found to be 2.6dBm and 19.6dBm, with a PAE of 5.8% and 
small-signal power gain of 18dB. Plots of the measured 

average output power and EVM, are provided in Fig. 7 and 8 
for a 72.2Mbit/s, 64-QAM, 802.11n OFDM signal under 
nominal supply voltage of 3.3V. 
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Fig. 6  Output matching network 

 

Fig. 7  RF performance (Pin, Pout, EVM) for the LC-based PA 

 

Fig. 8  RF performance (Pin, Pout, EVM) for the transformer-based PA 

For an input signal with Peak-to-Average Power Ratio 
(PAPR) of 9.1dB, the LC-based PA gave an EVM of 3.8% at 
an average output power of 9.4dBm, and 5.4% at 11.3dBm 
output power with a PAE of 1%. The transformer-based PA 
gave an EVM of 3.8% at an average output power of 11.6dBm, 
and 5.4% at 13.4dBm output power with a PAE of 1.4%. Due 
to the high linearity requirements of OFDM modulation, the 
PAs were biased in class-A which leads to large bias currents 
and low PAE [5]. 

(a) (b) 



TABLE I. PERFORMANCE COMPARISON OF WLAN PAS 

Reference Technology VDD [V] Data rate [Mbit/s] Pout [dBm] EVM [%] @ Pout 

[4] 180nm CMOS 3.3 54 17.9 3 
[5] 180nm CMOS 3.5 54 11.6 2.8 
[6]* 90nm CMOS 3.3 54 11.6 3.6 

Transformer PA 65nm CMOS 3.3 72.2 11.6 3.8 
LC PA 65nm CMOS 3.3 72.2 9.4 3.8 

* without applying the implemented digital pre-distortion algorithm 
 

 
 
 
 
 
 
 
 
 

 
(a)                                                         (b) 

Fig. 9  Spectral mask and measured peak spectrum for the LC-based (a)  
and transformer-based (b) PAs. 

The measured output spectrum of a WLAN 72.2Mbit/s, 64-
QAM, 802.11n OFDM signal for a 20MHz channel is plotted 
in Fig. 9 for the PAs. As seen in Fig. 9, the PAs meet the 
spectral requirements of the 802.11n draft 2.05 [14]. The LC-
based PA showed an average output power of 14dBm with an 
EVM of 10.5%. The transformer-based PA showed an average 
output power of 17dBm with an EVM of 13.1%.  

The measurements showed a higher gain and a higher P1dB 
for the transformer-based PA than for the LC-based PA. 
Therefore the transformer-based PA can achieve a higher 
average output power level with a low EVM. 

In Table 1 the performance of the implemented PAs and 
some recently presented WLAN PAs is listed. Comparing the 
performance of the implemented PAs, we can conclude that 
the LC-based PA has lower average output power, and the 
transformer-based PA has similar average output power 
compared to recently presented WLAN PAs. However, the 
implemented PAs are capable of running at a lower supply 
voltage than [5], maintaining a low EVM for a 802.11n 
OFDM signal with more subcarriers than 802.11g [4], [5], and 
are implemented in a more advanced technology with 
increased resistances in the back-end [2]. 

V. SUMMARY 

The paper has presented two CMOS PAs for WLAN 
802.11n, fabricated in 65nm CMOS. Both PAs meet the EVM, 
and spectral requirements for a 72.2Mbit/s, 64-QAM, 802.11n 
OFDM signal, at average output powers of 9.4dBm and 
11.6dBm, with EVM of 3.8%. Impedance matching 
techniques for input, interstage, and output matching of the 
PAs have been described. 
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Abstract  —  This paper presents the design of two low-
voltage differential class-E power amplifiers (PA) for DECT 
and Bluetooth fabricated in 130nm CMOS. In order to 
minimize the on-chip losses and to achieve a high efficiency at 
low supply voltages, the PAs do not use on-chip output 
matching networks. At 1.5V supply voltage, the DECT PA 
delivers +26.4dBm of output power with a drain efficiency 
(DE) and power-added efficiency (PAE) of 41% and 30%, 
respectively. The Bluetooth PA delivers +22.7dBm at 1V with 
a DE and PAE of 48% and 36%, respectively. A continuous 
long-term test of 100 hours proves the reliability of the 
design. 

Index Terms  —  CMOS, efficiency, power amplifier, 
reliability testing, frequency shift keying. 

I. INTRODUCTION 

The power amplifier (PA) is a key building block in all 

RF transmitters. Today, most radio frequency building 

blocks have been successfully integrated into CMOS 

processes, while the power amplifier is usually designed in 

a different technology. To lower the costs, by reducing 

board space and the number of components, it is highly 

desirable to integrate the entire transceiver and the PA in a 

single CMOS chip operated with a single low ‘digital’ 

supply voltage. Therefore, there is a need for highly 

efficient CMOS power amplifiers using a low supply 

voltage to achieve the goal of single-chip radio systems. 

In this paper, we present two class-E CMOS PAs 

operating at a low ‘digital’ supply voltage. To achieve 

high efficiency and minimize on-chip losses, all output 

matching network components are put off-chip. Hence, 

low-Q on-chip inductors are avoided. Additionally, the 

integrated inductors commonly used for matching between 

the different amplifier stages are removed, which result in 

a significantly reduced area required for the PA. 

A major obstacle in the design of class-E CMOS PAs is 

the high peak drain voltage generated, and the low 

breakdown voltage of the MOS device, making it 

challenging to design a reliable class-E CMOS PA. To 

evaluate the reliability of the design, a continuous long-

term test of 100 hours has been performed. The paper 

discusses the design and implementation of the DECT and 

Bluetooth (BT) PAs including the circuit architecture, the 

experimental results, and eventually a comparison with 

other published low-voltage CMOS PA designs. The 

comparison shows a clear power-efficiency trade-off 

between the utilization of on-chip and off-chip output 

matching networks.  

II. DESIGN AND IMPLEMENTATION  

OF THE POWER AMPLIFIERS 

Both PAs utilize a differential structure (Fig. 1 shows a 

single-ended section) with buffers, and drivers based on 

1.5V thin gate oxide transistors, with a physical gate oxide 

thickness (tox) of 2.2nm, and gate length of 0.12µm, which 

are also used in the output stage (T1) of the BT PA. The 

DECT PA utilizes 3.3V thick gate oxide (tox=5.2nm) 

transistors (T1) with a gate length of 0.4µm.  

Due to the relationship between DE, switch on-

resistance (ron), and load resistance (RL) in (1), it is 

important to reduce the on-resistance for high output 

power and high power efficiency [1]. Moreover, in order 

to achieve the same output power for a reduced power 

supply voltage [2], the load resistance needs to scale 

quadratically as in (2). Since the on-resistance does not 

reduce as fast as RL when technology scales, a low-voltage 

high-efficiency PA requires wider transistors in deep-

submicron CMOS technologies [1]. 
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Fig. 1.  Simplified schematic of the PAs (single-ended section) 



To benefit from the low on-resistance of the wider 

transistors, the parasitic inductance and resistive losses in 

the ground plane must be minimized. This is done by 

maximizing the number of metal layers used as ground, 

especially around the output stage transistors. However, as 

the size of the output stage transistor becomes larger, the 

capacitive loading of the buffer increases, and therefore a 

buffer with high driving capability is required. 

The signal driving the PA is buffered with a buffer-

chain consisting of regular inverters optimized to achieve a 

high overall efficiency. It means a trade-off between 

providing a good edge-rate on the gate of the following 

inverter to minimize the short-circuit current and not 

consume too much power. Fig. 1 shows the tapered buffer 

with a load capacitance (CL) representing the gate 

capacitance of the output stage transistor and drain 

capacitance of the previous inverter stage. For a four-stage 

buffer with a tapering factor of three, the power dissipation 

of the last driver theoretically consumes two thirds of the 

total power consumption of the driver stages [3]. In order 

to achieve a good edge-rate at the output, the gate 

resistance is minimized by using a small finger gate width 

of 10µm for the BT PA. To achieve the required output 

power for DECT a wider transistor was needed, but to get 

reasonable layout proportions of the output stage, a finger 

width of 30µm was used in the output stage.  

As the transistors become large, the drain capacitance 

increases and can be incorporated in the required 

capacitance (C1) for class-E operation. However, it is 

important to minimize the voltage across the capacitance 

as the transistor is turned on, in order to minimize the 

energy losses.  

In the implemented DECT and BT PAs the output 

power level can be adjusted by controlling the supply 

voltages of the output stage and driver stages of the PAs. 

Therefore, a voltage modulator will be needed for power 

control.  

In Fig. 1, the NMOS transistor widths (in µm) of the 

three inverter driver stages and the output stage (T1 in Fig. 

1) of the DECT PA are 100, 400, 1200, and 8400. The 

NMOS transistor widths of the four inverter driver stages 

and the output stage of the BT PA are 100, 200, 600, 

1300, and 4000. The PMOS transistors were a factor of 

2.2 larger. 

III. EXPERIMENTAL RESULTS 

Fig. 2 shows the photographs of the fabricated PAs, with 

the output stage at the top in the photos. The size of the 

chips is 0.7x1.2 mm
2
 and were directly bonded on the PCB 

(FR4, εr = 4.2, tan δ = 0.035). The input power was 

applied differentially with an external balun connected to 

the signal source. The PA utilizes an off-chip lumped 

element balun [4] for differential-to-single-ended 

conversion and load impedance transformation. 

A. Measurement Results – Output Power 

Fig. 3 shows how the output power of the DECT PA 

varies as the supply voltages (VDD1 and VDD2) are swept 

from 0.8V to 1.5V. The highest output power is +26.4dBm 

at 1.5V with DE and PAE of 41% and 30%, respectively. 

As seen in Fig. 4, the performance of the PA varies over 

frequency, with an optimum performance at 1.85GHz 

when the supply voltage is 1.5V. 

Fig. 5 shows how the output power of the BT PA varies 

as the supply voltage (VDD1) is swept from 0.1V to 1.1V, 

with a maximum output power of +23.5dBm at 1.1V. At 

1V the output power is +22.7dBm with DE and PAE of 

48% and 36%, respectively. The buffers and the drivers 

use a 1V supply voltage. As seen in Fig. 6 the performance 

of the PA varies over frequency, but has an optimum 

performance at 2.45GHz for a 0.75V supply voltage. The 

 
(a)                                  (b) 

Fig. 2.  Chip photos: DECT (a) PA and Bluetooth (b) PA 

 

Fig. 3.  DECT PA: Pout, DE, and PAE: VDD1 =VDD2  at 1.85GHz  

 

Fig. 4.  DECT PA: Pout, DE, and PAE: VDD2 = VDD3 = 1.5V  



estimated power needed for the buffers to excite the 

drivers of the output stage is ~4dBm (~2.5mW) for both 

PAs, based on simulations and measurements, and is used 

in PAE calculations. This results in approximate maximum 

gains of 22.5dB and 19dB of the DECT and BT PAs. 

B. Measurement Results – Spectral Requirements 

In Fig. 7 the measured output spectrums of the GFSK 

modulated signals for the DECT and BT PAs are seen. 

Based on the measured output spectrum and ACP 

calculations, the DECT PA meets the ACP requirements 

that are for channel offsets of ±1, ±2, ±3, and any other 

channel (±4). The Bluetooth PA meets the spectral mask 

requirement of -20dBc at an offset of ±500kHz, and ACP 

requirements of -20dBm, and -40dBm, for channel offsets 

of ±2, and ±3.  

C. Measurement Results – Reliability 

Since the drain voltage of a class-E PA ideally can reach 

levels up to 3.56xVDD [2], a low supply voltage is needed 

to minimize the stress on the output stage transistors and to 

not exceed the critical gate oxide field of ~1V/nm [2] for 

DC conditions. The damages in PAs are mainly due to 

channel hot carrier (HC) stress [6] or Fowler-Nordheim 

(F-N) gate oxide wearout [7]. Typically in a class-E PA, 

the drain voltage is high when the drain current is zero, 

and therefore the HC stress is minimized and the transistor 

wearout will be dominated by the F-N gate oxide wearout. 

Simulations of both PAs indicate that the peak drain 

voltage reaches levels close to 3xVDD. As the DECT PA 

uses thick gate oxide transistors (tox=5.2nm) and a 

maximum supply voltage of 1.5V, the peak drain voltage 

is ~4.5V (<1V/nm). In the technology used, the thick gate 

oxide transistor can withstand voltages of ~8.5V for zero 

current (typical Class-E behavior), and a reasonable life-

time of the device can be expected.  

In order not to exceed the critical gate oxide field in the 

BT PA a supply voltage of 0.75V has to be used for the 

thin gate oxide transistors (tox=2.2nm) in the output stage. 

However, the thin gate oxide NMOS transistor of the 

technology used, can withstand voltages of ~4.5V for zero 

current, indicating that a higher supply voltage can be 

used. To estimate the lifetime of the PA, one device was 

operated at 1V with output power of 22.7dBm. The device 

showed no output power level degradation after 100 hours 

of operation with 100% duty-cycle, however a minor 

increase of drain current was observed similar to [8]. 

D. Measurement Results – Performance Comparison 

Table 1 shows the performance of the DECT PA and 

two recently presented DECT PAs [9], which are also 

designed in the same CMOS technology and also use off-

chip output matching network, however both designs 

feature linear amplification. The PA shows a slightly lower 

output power and efficiency, while delivering a sufficiently 

high output power to leave some margin for output 

matching network losses to have +24dBm [9] at the 

antenna. It can be concluded that the supply voltage is 

reduced by 40% compared to [9], and the area has been 

reduced by approximately 91-93%, as seen in Table 1.  

Our BT PA is the only PA achieving +20.4dBm of 

output power from a supply voltage as low as 0.75V 

compared to [5], [6], [10]-[12] in Table 1, however it does 

not have on-chip output matching networks as [5], [11], 

and needs a voltage supply modulator for linear power 

amplification. At 1V and +22.7dBm output power, the PA 

has a similar [12] or higher [5], [11], efficiency, even if the 

supply voltage is reduced by ~33% [5], [12] or by ~60% 

 

Fig. 5.  BT PA: Pout, DE, and PAE at 2.45GHz  

 

Fig. 6.  BT PA: Pout, DE, PAE: VDD1=0.75V, VDD2=VDD3=1V  
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Fig. 7.  (a) Spectral measurement DECT PA for +26.4dBm  

 (b) Spectral measurement Bluetooth PA for +22.7dBm  



[11]. Compared to the state-of-the-art 1-1.5V CMOS PAs 

[5], [13], [14], which use on-chip power combiners, the 

BT PA achieves almost double DE [13], [14] at output 

power levels of 23-24dBm, and a higher overall efficiency 

than [5] at a reduced supply voltage. 

IV. SUMMARY 

Two low-voltage class-E power amplifiers in 130nm 

CMOS intended for DECT and Bluetooth have been 

presented. At 1.5V supply voltage, the DECT PA manages 

to deliver +26.4dBm with a DE of 41% and PAE of 30%. 

The Bluetooth PA shows reliable operation at a supply 

voltage of 1V at an output power of +22.7dBm with DE, 

and PAE of 48%, and 36%, respectively. In comparison 

with other low-voltage CMOS PAs, the design shows a 

clear power-efficiency trade-off between the utilization of 

on-chip and off-chip output matching networks. The 

Bluetooth power amplifier device was operated for 100 

hours with no output power level degradation.  
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TABLE I.  PERFORMANCE COMPARISON OF BLUETOOTH AND DECT  PAS 

Reference Frequency Technology Pout 

[dBm] 

DE 

[%] 

PAE 

[%] 

VDD 

[V] 

Fully  

integrated 

Differen-

tial 

Single-

ended 

Area* 

[um2] 

[9] LC-based 1.9GHz 0.13µm CMOS 27.3 - 37 2.5  X  121280 

[9] Trafo-based 1.9GHz 0.13µm CMOS 27.4 - 34 2.5  X  88200 

This work: DECT PA 1.85GHz 0.13µµµµm CMOS 26.4 41 30 1.5  X  8026 

[5] 2.45GHz 0.13µm CMOS 23 35 29 1.5 X X X - 

[6] 2.4GHz 0.25µm CMOS 24 - 48 2.5   X - 

[10] 2.4GHz 0.18µm CMOS 23 - 42 2.4   X - 

[11] 2.45GHz 0.25µm CMOS 21.4 38 26 2.6 X X  - 

[12] 2.4GHz 0.35µm CMOS 23 - 37 1.5  X  - 

[13] 2.4GHz 0.13µm CMOS 27 32 - 1.2 X X X  

[14] 5.8GHz 90nm CMOS 24.3 27 - 1 X X X  

This work: BT PA 2.45GHz 0.13µµµµm CMOS 22.7 48 36 1  X  - 

* Including inductors/transformers, tuning capacitors (not decoupling), and transistors (WxL).  



 

119 

Chapter 11 

Paper 4 

Reliability Study of a Low-Voltage Class-E 

Power Amplifier in 130nm CMOS 

Jonas Fritzin
(1)

, Timmy Sundström
(1)

,  

Ted Johansson
(1,2)

 and Atila Alvandpour
(1)

 

(1) Electronic Devices, Department of Electrical Engineering 

Linköping University, SE-581 83 Linköping, Sweden  

E-mail: {fritzin, timmy, atila} @isy.liu.se 

(2) Huawei Technologies AB, SE-164 94 Kista, Sweden 

E-mail: ted@isy.liu.se 

Proceedings of the IEEE International Symposium on Circuits and Systems (ISCAS), 

pp. 1907-1910, Paris, France, May 30 - June 2, 2010 



120  Paper 4 

 

 

 

 

 



Reliability Study of a Low-Voltage  

Class-E Power Amplifier in 130nm CMOS 

1
Jonas Fritzin, 

1
Timmy Sundström, 

1,2
Ted Johansson, and 

1
Atila Alvandpour 

1
Division of Electronic Devices, Department of Electrical Engineering  

Linköping University, SE-581 83 Linköping, Sweden, E-mail: {fritzin, timmy, atila}@isy.liu.se 
2
Huawei Technologies AB, SE-164 94 Kista, Sweden, E-mail: ted@isy.liu.se 

 
Abstract — This paper presents reliability measurements of a 
differential Class-E power amplifier (PA) operating at 
850MHz in 130nm CMOS. The RF performance of five 
samples was tested. At 1.1V, the PAs deliver +20.4-21.5dBm 
of output power with drain efficiencies and power-added 
efficiencies of 56-64% and 46-51%, respectively. After a 
continuous long-term test of 240 hours at elevated supply 
voltage of 1.4V, the output power dropped about 0.7dB. 

Index Terms — CMOS, efficiency, power amplifier, reliability 
testing. 

I. INTRODUCTION 

The Class-E power amplifier (PA) topology has become 

popular due to its high efficiency, and therefore a good 

candidate for low-cost portable applications with high 

integration level. However, the high peak drain voltage 

generated by this topology, up to 3.56 times the supply 

voltage, makes it challenging to design Class-E PAs in 

nm-CMOS technology because of the low breakdown 

voltage and reliability issues of the MOS devices.  

CMOS PA reliability has gained more research interest 

[3]-[9] due to the aggressive scaling of device dimensions. 

From design rules, it is hard to calculate the projected 

lifetime of a PA that experience very high voltage peaks 

and oxide stress occurring over the device only for a short 

part of the switching cycle at GHz frequency. 

In this paper, we present reliability measurements 

performed on a Class-E CMOS PA utilizing thin oxide 

devices and operating at a low supply voltage. To evaluate 

the reliability of the design, a continuous long-term test of 

240 hours for three devices at 65% increased supply 

voltage has been performed. The paper discusses the 

design and implementation of the PA in section II, the 

measured RF performance in section III, and the results of 

the reliability measurements in section IV. 

II. DESIGN AND IMPLEMENTATION 

The PA utilize a differential structure (Fig. 1 shows a 

single-ended section) with buffers and drivers based on 

1.5V thin gate oxide transistors with a physical thickness 

(tox) of 2.2nm, and gate length of 0.12µm (130nm 

process), which are also used in the output stage (T1) of 

the PA. The design of the output stage was based on the 

idealized equations [1], [2], where RL can be determined 

by (1) and the desired output power. The shunt 

capacitance (C1) required to fulfill the Class-E operation is 

determined by (2), which also depends on RL. 
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In the design work the total output power was set to 

21.1dBm, such that each single-ended Class-E section 

would have to supply 18.1dBm. Moreover, assuming 

f0=850MHz and VDD1=1V results in a total equivalent 

shunt capacitance of 3.86pF. The average drain 

capacitance of the device was estimated in the off-state 

[10], while VDS was swept from 0V to 3V, and was equal 

to 0.7pF/1000µm transistor width. To reduce the resistive 

losses at the drains and sources, several metal layers were 

stacked on top of each other as described in [11], but this 

also adds parasitic capacitance between gate, drain, and 

source. The parasitic layout capacitances Cgd,par and Cds,par 

(Fig. 1) also contribute to the total shunt capacitance, as 

well as the parasitic pad capacitance, where each bond pad 

has enough space for four bond wires. With the additional 

parasitic layout capacitors and inherent capacitances of the 

device, a transistor width of 4000µm was needed to 

completely represent the shunt capacitance. In Fig. 1, the 

NMOS transistor widths of the four inverter driver stages 

and the output stage of the PA are 100, 200, 600, 1300, 

and 4000µm, respectively. The PMOS transistors were a 

factor of 2.2 larger. 

 

Fig. 1.  Simplified schematic of the PAs (single-ended section) 



III. EXPERIMENTAL RESULTS –  

OUTPUT POWER AND SPECTRAL MEASUREMENTS 

 Fig. 2 shows the photograph of the fabricated PA, with 

the output stage at the top in the photo. The size of the 

chip is 0.7x1.2 mm
2
 and was directly bonded on the PCB 

(FR4, εr = 4.2, tan δ = 0.035). The input power was 

applied differentially with an external balun connected to 

the signal source. The PA utilizes an off-chip lumped 

element balun [12] for differential-to-single-ended 

conversion and load impedance transformation. 

A.  Output Power 

Fig. 3 shows how the output power of the sample 

devices (PA 1 to PA 5) vary as the supply voltage (VDD1) 

was swept from 0.5V to 1.1V, while each PA was operated 

at the frequency with best performance (837.5-850MHz). 

The highest output power was +21.5dBm at 1.1V with DE 

and PAE of 59% and 50%, respectively. The 

corresponding DE and PAE curves are shown in Fig. 4 and 

Fig. 5, respectively. The estimated power needed for the 

buffers to excite the drivers of the output stage was 0dBm 

based on simulations and measurements, and was used in 

PAE calculations. This results in a gain of about 22dB. 

The measured performance of the five devices is 

comparable in terms of output power and DE to the PAs 

presented in [5], but operates at half the supply voltage 

and at a lower frequency. 

B.  Spectral and Modulation Measurements 

When a GSM modulated signal (GMSK) was applied to 

the PAs, all spectral and EVM requirements were fulfilled. 

The RMS and peak EVM were measured to 0.3% and 

0.9%, and the performance did not change during the long-

term reliability tests presented in next section.  

IV. EXPERIMENTAL RESULTS – RELIABILITY 

A. Simulations  

Since the drain voltage of a Class-E PA ideally can 

reach levels up to 3.56xVDD [1], a low supply voltage is 

needed to minimize the stress on the output stage 

transistors and to not exceed the critical gate oxide field of 

~1V/nm [1]. The damages in PAs are mainly due to 

channel hot carrier (HC) stress [8] or Fowler-Nordheim 

(F-N) gate oxide wearout [5] and rather depend on the 

drain waveforms than on the dissipated power on the 

device [5]. Typically in a Class-E PA, the drain voltage is 

high when the drain current is zero, and therefore the HC 

stress is minimized and the transistor degradation will be 

dominated by the F-N gate oxide wearout. Simulations of 

the PA indicated that the peak drain voltage reached levels 

of 2.5xVDD (3.5V) for a supply voltage of 1.4V as seen in 

Fig. 7, where the simulation model includes layout 

 

Fig. 2.  Chip photo PA: 0.7 x 1.2 mm2 
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Fig. 3.  Pout while sweeping VDD1 for VDD2=1V. 
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Fig. 4.  DE while sweeping VDD1 for VDD2=1V. 
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Fig. 5.  PAE while sweeping VDD1 for VDD2=1V. 



parasitics extracted in EM simulations [11], bond wires, 

PCB tracks, and S-parameters of the lumped matching 

components. The simulated waveforms can be expected in 

case the PA is matched identical to the simulated load 

impedance. Due to the similar performance in simulations 

and measurements (Table I), the waveforms can be 

expected to sufficiently accurate represent the performance 

and behavior of the circuit. Under sub-optimal loading 

conditions [5] the drain voltage peaks may be lower, 

which decrease the F-N stress, but also having an overlap 

between drain current and drain voltage introduces a 

higher level of HC injection. Consequently, a mix of F-N 

stress and HC injection contribute to the transistor wearout 

in Class-E PAs. 

B.  Measurements  

In order not to exceed the critical gate oxide field of 

1V/nm a supply voltage of 0.85V has to be used for the 

thin gate oxide transistors (tox=2.2nm) in the output stage. 

Reliability assessments are most commonly done using 

increased supply voltages, current densities, and 

temperatures. The thin gate oxide NMOS transistor of the 

technology used, can withstand voltages of 4.5V 

(~2.0V/nm) for zero current, indicating that a higher 

supply voltage could potentially be used. To estimate the 

lifetime of the PAs under switched operating conditions, 

three devices were operated at 1.4V (electric field across 

oxide ~1.6V/nm and maximum Vdrain,RMS relative to the 

gate of T1 is ~1.8V or ~0.8VRMS/nm oxide) with initial 

output power levels of +22.2dBm to +22.8dBm. In [6] the 

same device was tested at 2.45GHz with a supply voltage 

of 1V, and peak drain voltages close to 3V (~1.3V/nm) 

without any degradation in output power after 100 hours of 

operation. Therefore, a higher supply voltage (1.4V) was 

used in this experiment, which corresponds to 65% 

elevated supply voltage of 0.85V. The devices were 

operated until they had experienced a drop in output power 

of 10% (0.5dB). The result of the stress measurements is 

shown in Fig. 6, and shows that two devices (PA 2 and PA 

4) could be operated for 120-140 hours without breaking. 

One device (PA 5) experienced a lower level of 

degradation and had only dropped about 0.3dB after 140 

hours.  

C.  Discussion  

Despite the limited number of samples some interesting 

observations can be made. Not shown in the Fig. 6 is that 

the decrease in output power is much slower after 140 

hours of operation, and after another 100 hours (totally 

240 hours) of operation the output power only dropped 

another ~0.2dB. From Fig. 6 it is also clear that the output 

power drops for all PAs during testing, however for PA 5 

we can observe an increase in drain current of about 10%, 

which could be explained by an increased gate leakage 

from gate to drain [7]. For PA 2 and PA 4 a decrease in 

drain current of 5% was observed, which could be 

explained by a shift in Vt due to hot-carrier stress [7].  

In [8] an exponential decay in output power was 

observed with a drop of 0.7dB after 80 hours of operation. 

As observed in [8] the slope of the decrease becomes 

relatively small after some time, suggesting that most of 

the created traps in the oxide have been filled by electrons 

[8] as for our case of PA 2 and PA 4. 

According to [13], the simulated electric field (or RMS 

voltage) in Fig. 7 is sufficiently high across the oxide to 

cause Time Dependent Dielectric Breakdown (TDDB). 

However, the degradation in output power of the tested 
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Fig. 6.  Reliability measurement on PA 2, 4, and 5 for VDD1=1.4V. 
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Fig. 7.  Simulation results of Vdrain, Vdrive, and IT1 as in Fig. 1 with 

 performance as in Table I.  

TABLE I.  SIMULATED AND MEASURED PERFORMANCE 

 Simulations Measurements 

f [MHz] 850 850 

VDD1 [V] 1.4 1.4 

Pout [dBm] +22.6 +22.2-22.8 

DE [%] 61 57-60 
 



devices rather indicate that the degradation is due to HC 

injection and F-N stress.  

The required life-time also has to be put in relation to 

the employed standard (e.g. 2G GSM has a 12.5% duty 

cycle), but also on an expected user case. Presuming two 

hours talk time a day for three years, this corresponds to 

275 hours of continuous PA operation. Other products 

may experience similar effective operating times. In [9], 

a test time of 168 hours at elevated supply voltage is 

considered to cover more than five years of 

product reliability for WLAN. For an accepted output 

power drop of up to 1dB, the evaluated PAs would 

certainly qualify. At somewhat lower supply voltage, the 

degradation will decrease quickly, creating an extended 

lifetime for more demanding requirements. 

V. SUMMARY 

The design and measured performance of a low-voltage 

Class-E PA in 130nm CMOS has been presented. At 1.1V 

supply voltage and 850MHz, the output power was 

typically +20.5dBm with a DE of 64% and PAE of 51%. 

Three devices were tested at a supply voltage 1.4V, where 

two devices experienced a drop of 0.5dB after 120-140 

days of operation, and the third device dropped only 0.3dB 

after 140 hours. After another 100 hours of operation the 

drop was about another 0.2dB. This is believed to be in the 

acceptable range for typical use with certain 

wireless applications. 
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Abstract—This paper presents a Class-D outphasing RF Power
Amplifier (PA) which can operate at a 5.5 V supply and deliver
+29.7 dBm with 26.6 % PAE at 1.95 GHz in a standard 65nm
CMOS technology. The PA utilizes two on-chip transformers to
combine the outputs of four Class-D stages. The Class-D stages
utilize a cascode configuration, driven by an AC-coupled low-
voltage driver, to allow a 5.5 V supply without excessive device
voltage stress. The measured 3 dB bandwidth was 1.6 GHz (1.2-
2.8 GHz). The PA was continuously operated for 168 hours (1
week) without any performance degradation. To evaluate the
linearity of the outphasing PA, a WCDMA and an LTE signal
(20 MHz, 16-QAM) were used. At +26.0 dBm channel power for
the WCDMA signal, the measured ACLR at 5 MHz and 10 MHz
offset were -35.6 dBc and -48.4 dBc, respectively. At +22.9 dBm
channel power for the LTE signal, the measured ACLR at 20 MHz
offset was -35.9 dBc.

Index Terms—outphasing, CMOS, power amplifier.

I. INTRODUCTION

With the scaling of CMOS transistors, the speed of the
transistors have increased while being operated at lower supply
voltages, making it more challenging to meet the requirement
on output power and efficiency in Power Amplifiers (PA).
With the improved speed of CMOS transistors, highly efficient
switched PAs, like Class-D and Class-E, have gained increased
interest in polar modulation and outphasing [1]–[4]. In the
outphasing amplifier, an input signal, s(t), containing both
amplitude and phase modulation is divided into two constant-
envelope phase-modulated signals, s1(t) and s2(t), as in
Fig. 1(a). Fig. 1(b) shows how the two signals are separately
amplified by efficient switched amplifiers, A1 and A2, and
connected to a power combiner, whose output, y(t), is an
amplified replica of the input signal.

The output power of CMOS Class-D RF PAs has, until
recently [1], been lower than +30 dBm [2]–[4]. To achieve
higher output power, either a high supply voltage can be used
to obtain high voltage swing or a low load impedance, i.e. a
high impedance transformation ratio, is needed. Using a high
impedance transformation ratio can result in low efficiency,
especially with on-chip matching networks, and bandwidth re-
duction [5]. A higher voltage swing can be achieved in Class-D
PAs by utilizing cascoding techniques and two supply voltages,
2 xVDD and VDD, in the output stage and the drivers [2]–[4].
In that way, a higher voltage swing is achieved, but the device
voltage stress is limited to the nominal supply voltage.

This paper presents a Class-D outphasing RF PA which can
operate at a 5.5 V supply and deliver +29.7 dBm at 1.95 GHz in

(a) (b)

Fig. 1. (a) Outphasing concept and signal decomposition. (b) Ideal power
combining of the two constant-envelope signals.

(a) (b)
Fig. 2. (a) The proposed Class-D stage used in the outphasing PA. C1-C4

are MIM capacitors. T4 is also biased due to reliability considerations.
(b) Off-chip biasing resistors, R and Ri.

a standard 65nm CMOS technology. For a 6.0 V supply, the
output power was +30.5 dBm. The PA utilizes two on-chip
transformers to combine the outputs of four Class-D stages
as shown in Fig. 5. The Class-D stages utilize a cascode
configuration [1] illustrated in Fig. 2(a), driven by an AC-
coupled low-voltage driver operating at 1.3 V, VDD1, to allow
a 5.5 V, VDD2, supply without excessive device voltage stress.
By driving all transistors in the cascode configuration it is
possible to achieve a low on-resistance in the on-state, and
distribute the voltage stress on the devices in the off-state,
enabling the use of a high supply voltage in the output stage
to achieve a high output power.

The outline of the paper is as follows. In Section II,
the design of the Class-D stage, the outphasing RF PA
and the transformer are presented. Moreover, the reliability
considerations and the stress on the devices are discussed. In
Section III, the measured RF performance and the performance
for modulated signals are presented and compared with other
work. In Section IV, the conclusions are provided.
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Fig. 3. (a) Simulated gate voltages, Vg,i, and the output voltage, Vout, of the Class-D stage. Simulated drain-source, Vds, and gate-drain, Vgd, voltages of the
(b) thick-oxide, T3, and the (c) thin-oxide, T4, devices.

Fig. 4. Layout of the transformers. The two ports of the primary winding
(in black) are indicated by Pi,a and Pi,b. The equivalent secondary winding
is drawn in grey. The floating metal shields are excluded for clarity.

Fig. 5. The implemented Class-D outphasing RF PA using two transformers
to combine the outputs of four amplifier stages.

II. DESIGN OF THE CLASS-D STAGE AND
THE OUTPHASING RF POWER AMPLIFIER

A. Design and Operation of the Class-D Stage

The Class-D stages, denoted PA in Fig. 2(a) and Fig. 5,
operate with a high supply voltage of 5.5 V, VDD2, and utilize
cascoded devices. The transistors used are 1.2 V thin-oxide
devices, T1 and T4, and 2.5 V thick-oxide devices, T2 and
T3, with oxide thickness of 1.8 nm and 5.0 nm, respectively.
The gates of T1 -T4 are separated from the driver stage by
AC coupling capacitors, C1 -C4, and individually biased via
two off-chip resistors as in Fig. 2(b). All transistors are driven
by an AC-coupled low-voltage driver operating at 1.3 V, VDD1.
The gate bias levels of T1-T4 are assumed to be VDD2−VDD1/2,
VDD2/2+VDD1/2, VDD2/2−VDD1/2, and VDD1/2, respectively.

When the output signal from the driver, Vx in Fig. 2(a),
is high, the gate voltage of T3 is raised above the bias level,
which reduces the on-resistance of T3. When the output signal
from the driver, Vx, is low, the gate voltage of T3 is lowered
below the bias level. This also lowers the gate-drain, Vgd,4,

and drain-source, Vds,4, voltages of T4, but also increases
gate-drain, Vgd,3, and drain-source, Vds,3, voltages of T3. The
operation of T1 and T2 is the same, but they are in their on-
state (off-state) when T3 and T4 are in their off-state (on-state).
Consequently, by choosing suitable bias points and driving all
transistors with a low-voltage driver, the voltage stress on the
devices can be suitably distributed during the whole RF-cycle
and a high supply voltage can be used. If only T1 and T4 are
driven by the low-voltage driver, either a lower VDD2 or fixed
bias levels >VDD2/2+VDD1/2 for T2 (or <VDD2/2−VDD1/2
for T3) must be used, which would reduce the output power.

To decouple VDD2, MIM capacitors with a maximum al-
lowed voltage of 5.5 V were used. The top/bottom plates
of the MIM capacitors were connected to VDD2/VDD1. The
low-voltage driver of the output stage is a tapered buffer
with tapering factor λ = 2.0. The transistor widths of T1-T4
in Fig. 2(a) were 2.85 mm, 3.6 mm, 2.55 mm, and 2.23 mm,
respectively. The channel lengths of the thin-oxide, T1 and T4,
and thick-oxide, T2 and T3, devices are 0.06µm and 0.28µm,
respectively. The bulks/N-wells are connected to GND/VDD2.

B. Reliability Considerations

The reliability of CMOS transistors due to oxide degrada-
tion is especially important to consider in circuits with large
voltage swings, like PAs. As discussed in [6], [7], the impact
of RF stress is not as damaging as DC stress. During RF
operation, the Time-Dependent Dielectric Breakdown (TDDB)
is proportional to the root mean square (rms) value of the
electric field applied to the gate oxide [8], [9]. In [8], the
transistors had similar time to failure when rms RF and DC
stress experiments were compared. Fig. 3(a) show the gate
voltages, Vg,i, of T1-T4 in Fig. 2(a). Fig. 3(b) and Fig. 3(c)
show the simulated drain-source, Vds, and gate-drain, Vgd,
voltages of the NMOS thick-oxide, T3, and the thin-oxide,
T4, devices for the low-to-high and high-to-low transitions of
the gate voltage, Vg,i, in the Class-D stage. The simulated rms
electric fields between gate-drain, gate-source, and gate-bulk
are < 0.7 V/nm gate oxide, which gives an expected lifetime
of more than 10 years [10].

As Vds is high (≈ 1.5 xVDD,nominal) when the transistors are in
their off-state and Vgs is small, the HC stress is minimized [9].
The simulated Vds is smaller compared to Class-AB PAs,
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Fig. 6. Measured Pout, DE, and PAE for VDD1 = 1.3 V and VDD2 = 5.5 V: (a) over carrier frequency, and (b) over outphasing angle, φ, at 1.95 GHz.
(c) Measured Pout, DE, and PAE over VDD2 for VDD1 = 1.3 V at 1.95 GHz.

where the cascode device is typically not driven by the driver
and Vds approaches 2 xVDD,nominal [9].

The drain/well breakdown of the 65nm process is 10 V. As
the drain voltage of the proposed Class-D stage never exceeds
VDD2, this breakdown voltage is never exceeded.

C. Design of the Outphasing RF PA

Fig. 5 showed the implemented outphasing PA. In order
to achieve a high voltage swing and high output power, the
outputs of four amplifiers are combined by using two trans-
formers, TR1 and TR2. One primary winding connect outputs
between s+1 (t) and s−2 (t), and the other primary winding con-
nect outputs between s−1 (t) and s+2 (t) [3]. With the secondary
windings connected in series, the load impedance seen at the
primary side of each transformer becomes RL/2 (at maximum
output power). At power back-off, the load impedance increase
and the matching network losses are reduced [3]. No tuning
capacitors were needed to optimize performance at 1.95 GHz.

D. Transformer Design

To get a good coupling factor and large bandwidth in the
transformers, an overlay structure (stacked conductors) was
used. The eight-metal stack of the 65nm process, does not
contain thick metal layers (> 2.5µm) and limits the quality
factors, Q, of the transformer windings. To reduce the losses
in the windings, the traces were made wide. However, wide
traces increase the parasitic capacitances and limit the number
of turns in the windings. Therefore only transformers with a
1:1 turns ratio were used as shown in Fig. 4. Under TR1 and
TR2, floating metal shields were placed in M1 and M2 to
reduce the losses [11].

Fig. 7. Photo of the chip with size 2.5 x 1.0 mm2. The photo has the same
orientation as the simplified PA schematic in Fig. 5.

TABLE I
COMPARISON OF CMOS CLASS-D RF PAS - PEAK VALUES

Pout VDD DE PAE f Tech. BW
Ref., Year [dBm] [V] [%] [%] [GHz] [nm] [GHz]
[3] 2010 +25.1 2.0 - 40.6 2.40 32 1.0a

[4] 2011 +25.2 2.5 - 55.2 2.25 90 1.0b

[2] 2009 +28.1 2.4 - 19.7 2.25 45 0.6b

[1] 2011 +32.0 5.5 20.1 15.3 1.85 130 0.9b

This +29.7 5.5 30.2 26.6 1.95 65 1.6b
work

(a) 1 dB and (b) 3 dB bandwidth (BW)

TABLE II
MEASURED SPECTRAL AND MODULATION PERFORMANCE AT 1.95 GHZ

Standard Parameter Measured Required
WCDMA ACLR @ 5 MHz [dBc] -35.6 -33

ACLR @ 10 MHz [dBc] -48.4 -43
EVM [%] < 1.0 17.5
Channel power [dBm] +26.0

LTE ACLR @ 20 MHz [dBc] -35.9 -30
EVM [%] < 3.0 12.5a

Channel power [dBm] +22.9

(a) 16-QAM modulation

The primary windings of TR1 and TR2 were implemented
in M5 and M6 with total thickness and width of 1.1µm and
45.0µm, respectively. The secondary winding was placed in
M7 and M8 with thickness and width of 1.3µm and 45.0µm,
respectively. The self-inductances of the galvanically isolated
primary windings, Lp, and equivalent secondary winding,
Ls, (two series-connected secondary windings) were 0.8 nH
and 2.0 nH, respectively. At 2.0 GHz, the quality factors, Qp
and Qs, were approximately 5 and 5, respectively. In EM
simulations, the loss of a single transformer was 1.0 dB.

III. MEASUREMENT RESULTS

A. Measured RF Performance

Fig. 7 shows the chip photo of the PA implemented in a
65nm CMOS process. The chip was attached to an FR4 PCB
and connected with bond-wires. Two R&S SMBV100A signal
generators with phase-coherent RF outputs and maximum IQ
sample rate of 150 MHz were used in the measurements.



Fig. 8. Measured WCDMA spectrum for a channel power of +26 dBm.

Fig. 9. Measured LTE spectrum for a 20 MHz signal with 16-QAM
modulation for a channel power of +22.9 dBm.

Fig. 6(a) and Fig. 6(b) show the measured output power
(Pout), drain efficiency (DE), and power-added efficiency
(PAE) over frequency and outphasing angle, φ, for VDD1
= 1.3 V and VDD2 = 5.5 V. At 1.95 GHz, the output power
was +29.7 dBm with a DE and PAE of 30.2 % and 26.6 %
(including all drivers), respectively. The gain was 26 dB from
the drivers to the output. The DC power consumption of the
smallest drivers was considered as input power. For VDD2 =
6.0 V, the output power was +30.5 dBm with a DE and PAE
of 29.6 % and 26.5 %, respectively. The 3 dB bandwidth was
1.6 GHz (1.2-2.8 GHz).

To obtain an initial assessment of the reliability of the Class-
D stage and the PA, the PA was continuously operated for 168
hours for a VDD2 = 5.5 V without any performance degradation.
Thus, no noticeable degradation of the devices has occured.

The PA is also suitable for polar modulation as shown
in Fig. 6(c). By lowering VDD2, the power consumption due
to switching of the drain capacitances in the output stages
is reduced. With a power efficient driver based on thin-
oxide devices, the PAE is still as high as 17 % at 10 dB
back-off (+20 dBm). An amplitude modulator has not been
implemented in this work.

In Table I, published CMOS Class-D RF PAs are listed.
Compared to previous works, the PA presented in this work
has the largest 3 dB bandwidth. The efficiency is the highest of
the Class-D RF PAs with an output power larger than +27 dBm
(0.5 W) [1], [2].

B. Measured Performance of Modulated Signals

Table II presents the measured and required performance
when uplink WCDMA and LTE signals were applied to
the outphasing PA at 1.95 GHz. The channel powers of the
WCDMA and LTE signals were +26.0 dBm and +22.9 dBm,

respectively. The PAPR of the WCDMA and the LTE signal
were 3.5 dB and 6.6 dB, respectively. The measured spectrums
are shown in Fig. 8 and Fig. 9. Spectral and modulation
requirements were met without requiring predistortion. The
PAE was 7.5 % when amplifying the LTE signal.

IV. CONCLUSIONS

This paper has presented a Class-D outphasing RF PA which
can operate at a 5.5 V supply and deliver +29.7 dBm with
26.6 % PAE in a standard 65nm CMOS technology. The PA
utilizes two on-chip transformers to combine the outputs of
four Class-D stages. The Class-D stages utilize a cascode
configuration to allow a 5.5 V supply without excessive device
voltage stress. All transistors in the cascode configuration are
driven by an AC-coupled 1.3 V driver. The measured 3 dB
bandwidth was 1.6 GHz (1.2-2.8 GHz). The PA was continu-
ously operated for 168 hours (1 week), with a 5.5 V supply,
without any performance degradation. WCDMA and LTE
(20 MHz, 16-QAM) signals were applied to the PA and for
channel powers of +26.0 dBm and +22.9 dBm, respectively, the
PA successfully met the spectral and modulation requirements.
To the authors’ best knowledge, the PA presented in this work
has the largest 3 dB bandwidth of all Class-D RF PAs.
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RF PA in 130nm CMOS for WCDMA/LTE

Jonas Fritzin, Christer Svensson and Atila Alvandpour
Division of Electronic Devices, Department of Electrical Engineering, Linköping University
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Abstract—This paper presents a Class-D outphasing RF Power
Amplifier (PA) which can operate at a 5.5 V supply and deliver
+32 dBm at 1.85 GHz in a standard 130nm CMOS technology.
The PA utilizes four on-chip transformers to combine the outputs
of eight Class-D stages. The Class-D stages utilize a cascode
configuration, driven by an AC-coupled low-voltage driver, to
allow a 5.5 V supply in the 1.2/2.5 V 130nm process without exces-
sive device voltage stress. Spectral and modulation requirements
were met when a WCDMA and an LTE signal (20 MHz, 16-
QAM) were applied to the outphasing PA. At +28.0 dBm channel
power for the WCDMA signal, the measured ACLR at 5 MHz
and 10 MHz offset were -38.7 dBc and -47.0 dBc, respectively.
At +24.9 dBm channel power for the LTE signal, the measured
ACLR at 20 MHz offset was -34.9 dBc. To the authors’ best
knowledge, the PA presented in this work has a 3.9 dB higher
output power compared to published CMOS Class-D RF PAs.

Index Terms—outphasing, CMOS, power amplifier.

I. INTRODUCTION

With the scaling of CMOS transistors, the speed of the
transistors increases while they are also being operated at
lower supply voltages. Due to the lower supply and breakdown
voltages it becomes more challenging to meet the requirement
on output power, linearity, and efficiency in Power Amplifiers
(PA). With the improved speed of CMOS transistors, highly
efficient switched PAs, like Class-D and Class-E, have gained
increased interest in polar modulation and outphasing [1]–
[4]. In the outphasing amplifier, an input signal containing
both amplitude and phase modulation is divided into two
constant-envelope phase-modulated signals. The two signals
are separately amplified by efficient switched amplifiers and
connected to a power combiner, whose output is an amplified
replica of the input amplitude and phase modulated signal.

The output power of CMOS Class-D RF PAs has, so far,
been lower than +30 dBm [1]–[4]. This can partly be explained
by that, for a given supply voltage and load resistance, the
output power from a Class-D PA is theoretically several dB
lower compared to other classes of PAs, like linear Class-A/B
PAs. To achieve higher output power, either a high supply
voltage can be used to obtain high voltage swing or a low
load impedance, i.e. a high impedance transformation ratio,
is needed. Using a high impedance transformation ratio can
result in low efficiency, especially when matching networks
are integrated on-chip, and bandwidth reduction [5]. A higher
voltage swing can be achieved in Class-D PAs by utilizing
cascoding techniques to be able to operate at two or three times
the transistors’ nominal supply voltage [1]–[3], [6]. In [1]–

(a) (b)

Fig. 1. (a) Cascode inverter stage used in several Class-D PAs [1]–[3]. In [3],
non-overlapping driver signals were used in the upper and lower drivers.
(b) The proposed Class-D stage used in the outphasing PA. C1-C4 are MIM
capacitors. T4 is biased for improved reliability and to be able to affect the
on-resistance.

Fig. 2. The implemented Class-D outphasing RF PA using four transformers
to combine the outputs of eight amplifier stages.

[3], the voltage stress on the devices is limited to the nominal
supply voltage by using two supplies in the output stage and
in the drivers, i.e. 2 xVDD and VDD as shown in Fig. 1(a).

This paper presents a +32 dBm outphasing PA based on
a Class-D stage, that utilizes a cascode configuration, driven
by an AC-coupled low-voltage driver, to allow a 5.5 V, VDD2,
supply in the 1.2/2.5 V 130nm process without excessive
device voltage stress. Fig. 1(b) shows the proposed Class-D
stage. The low-voltage driver operates at a 1.3 V, VDD1, supply.
Thus, two independent voltage supplies are used in this work,
i.e. VDD1 and VDD2. By driving all transistors in the cascode
configuration it is possible to achieve a low on-resistance in the
on-state, and distribute the voltage stress on the devices in the



off-state. Consequently, with the flexibility of two independent
voltage supplies it is possible to use a high supply voltage in
the output stage to achieve a high output power, while also
controlling the voltage stress on the devices.

The outphasing PA utilizes four on-chip transformers to
combine the outputs of eight Class-D stages as shown in Fig. 2.

The outline of the paper is as follows. In Section II,
the design of the Class-D stage, the outphasing RF PA
and the transformer are presented. Moreover, the reliability
considerations and the stress on the devices are discussed. In
Section III, the measured RF performance and the performance
for modulated signals are presented and compared with other
work. In Section IV, the conclusions are provided.

II. DESIGN OF THE CLASS-D STAGE AND
THE OUTPHASING RF POWER AMPLIFIER

A. Design and Operation of the Class-D Stage

The Class-D stages, denoted PA in Fig. 1(b) and Fig. 2,
operate with a high supply voltage of 5.5 V, VDD2, and utilize
cascoded devices. The transistors used are 1.2 V thin-oxide
devices, T1 and T4, and 2.5 V thick-oxide devices, T2 and T3,
with oxide thickness of 2.0 nm and 5.0 nm, respectively. The
gates of T1 -T4 are separated from the driver stage by AC
coupling capacitors, C1 -C4, and individually biased via two
off-chip resistors as in Fig. 3(a). All transistors are driven by
an AC-coupled low-voltage driver operating at 1.3 V, VDD1.
Fig. 4(a) shows the principle of the operation, where the
gate voltages, Vg,1-Vg,4, of the four transistors and the output
voltage, Vout, of the Class-D PA stage are plotted together.
Fig. 4(b) shows the cascode of the NMOS transistors and
associated voltages. The gate bias levels of T1-T4 are assumed
to be VDD2−VDD1/2, VDD2/2+VDD1/2, VDD2/2−VDD1/2, and
VDD1/2, respectively.

When the output signal from the driver, Vx in Fig. 1(b), is
high, the gate voltage of T3 is raised above the bias level such
that Vg,3 becomes VDD2/2, which reduces the on-resistance
of T3. When the output signal from the driver, Vx, is low,
the gate voltage of T3 is lowered below the bias level such
that Vg,3 becomes VDD2/2-VDD1. This lowers Vgd,4 and Vds,4
to approximately Vg,3 -Vth,3 (the threshold voltage of T3) if
subthreshold conduction is neglected, but also increases Vgd,3
and Vds,3. The operation of T1 and T2 is the same, but they
are in their on-state (off-state) when T3 and T4 are in their
off-state (on-state).

Consequently, by choosing suitable bias points and driving
all transistors with a low-voltage driver, the voltage stress on
the devices can be suitably distributed during the whole RF-
cycle and a high supply voltage can be used. If only T1 and
T4 are driven by the low-voltage driver, either a lower VDD2
or fixed bias levels >VDD2/2+VDD1/2 for T2 (or <VDD2/2−
VDD1/2 for T3) must be used, which would reduce the output
power. The voltage stress is further discussed in Section II-B.

To decouple VDD2, MIM capacitors with a breakdown volt-
age of 10 V were used. The low-voltage driver of the output
stage is a tapered buffer with tapering factor λ = 2.5. The
transistor widths of T1-T4 in Fig. 1(b) were 5 mm, 5 mm,

(a) (b)

Fig. 3. (a) Off-chip biasing resistors, R and Ri.
(b) Layout of the transformers. The two ports of the primary winding (in
black) are indicated by Pi,a and Pi,b. The equivalent secondary winding is
drawn in grey. The floating metal shields are excluded for clarity.

(a) (b)

Fig. 4. (a) Operation of the Class-D stage. The voltage names and voltage
ranges are on the left and right sides, respectively.
(b) The cascode of the NMOS transistors and associated voltages.

2 mm, and 2 mm, respectively. The channel lengths of the thin-
oxide, T1 and T4, and thick-oxide, T2 and T3, devices are
0.13µm and 0.28µm, respectively. The bulks and N-wells are
connected to GND and VDD2, respectively.

B. Reliability Considerations

The reliability of CMOS transistors due to oxide degra-
dation is especially important to consider in circuits with
large voltage swings, like PAs. As discussed in [7], [8], the
impact of RF stress is not as damaging as DC stress. Two
major degradation mechanisms in CMOS devices are Fowler-
Nordheim tunneling, due to high electric fields across the gate
oxide, and Hot Carriers (HC), i.e. accelerated carriers in the
channel [9].

During RF operation, the Time-Dependent Dielectric Break-
down (TDDB) is proportional to the root mean square (rms)
value of the electric field applied to the gate oxide [10], [11].
In [10], the transistors had similar time to failure when rms RF
and DC stress experiments were compared. In simulations of
the proposed Class-D stage, the rms electric fields between
gate-drain, gate-source, and gate-bulk are < 0.7 V/nm gate
oxide, which is expected to result in a lifetime of more than
10 years [9].

HC stress typically occurs when the drain-source voltage is
larger than maximum rated Vds while Vgs is at least half the
drain-source voltage [11]. Sign of HC stress is for example
increased threshold voltage, degrading PA performance. In the
PA, presented in this paper, Vds is high (≤ 1.5 xVDD,nominal)
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Fig. 6. Measured Pout, DE, and PAE over outphasing angle, φ, at 1.85 GHz.

when the transistors are in their off-state and Vgs is close to 0 V,
thus minimizing the HC stress [6], [11]. Also, the simulated
Vds of the proposed Class-D stage is smaller compared to
Class-AB PAs, where the cascode device is typically not driven
by the driver and Vds approaches 2 xVDD,nominal [11].

The drain/well breakdown of the 130nm process is 10 V. As
the drain voltage of the proposed Class-D stage never exceeds
VDD2, this breakdown voltage is never exceeded.

C. Design of the Outphasing RF PA

Fig. 2 showed the implemented outphasing PA. In order
to achieve a high voltage swing and high output power,
the outputs of eight amplifiers are combined by using four
transformers, TR1-TR4, with a 1:1 turns ratio. The secondary
windings are connected in series. Two primary windings
connect outputs between s+1 (t) and s−2 (t), and the other
two primary windings connect outputs between s−1 (t) and
s+2 (t) [2]. With this connection, the load impedance seen at the

Fig. 7. Photo of the chip with size 4.0 x 1.5 mm2. The photo has the same
orientation as the simplified PA schematic in Fig. 2.

TABLE I
COMPARISON OF CMOS CLASS-D RF PAS - PEAK VALUES

Pout VDD DE PAE f Tech. BW
Ref., Year [dBm] [V] [%] [%] [GHz] [nm] [GHz]
[4] 2010 +21.6 1.9 64.0 52.0 1.92 130 0.3a

[2] 2010 +25.1 2.0 - 40.6 2.40 32 1.0a

[3] 2011 +25.2 2.5 - 55.2 2.25 90 1.0b

[1] 2009 +28.1 2.4 - 19.7 2.25 45 0.6b

This work +32.0 5.5 20.1 15.3 1.85 130 0.9b

(a) 1 dB bandwidth (BW)
(b) 3 dB bandwidth (BW)

TABLE II
MEASURED SPECTRAL AND MODULATION PERFORMANCE AT 1.85 GHZ

Standard Parameter Measured Required
WCDMA ACLR @ 5 MHz [dBc] -38.7 -33

ACLR @ 10 MHz [dBc] -47.0 -43
EVM [%] < 1.0 17.5
Channel power [dBm] +28.0

LTE ACLR @ 20 MHz [dBc] -34.9 -30
EVM [%] < 3.0 12.5a

Channel power [dBm] +24.9

(a) 16-QAM modulation

primary side of each transformer becomes RL/4 (at maximum
output power) [12]. At power back-off, the load impedance
increase and the matching network losses are reduced [2].
Tuning capacitors were placed at the primary winding of the
transformers to reduce the losses between the primary and
secondary windings [13].

D. Transformer Design

The seven-metal stack of the 130nm process, does not
contain thick metal layers (> 2.5µm) and limits the quality
factors, Q, of the transformer windings. To improve Q and
handle the large currents, the traces were made wide. To
get a good coupling factor, an overlay structure (i.e. stacked
conductors) was used [13]. However, wide traces increase the
parasitic capacitances and limit the number of turns in the
windings. Therefore only transformers with a 1:1 turns ratio
were used as shown in Fig. 3(b). Under the four transformers,
TR1-TR4, floating metal shields were placed in M1 and M2 to
reduce the losses [14]. This layout, does not require an explicit
on-chip ground connection, which is typically challenging to
design when using a grounded shield [14].

The primary windings of TR1-TR4 were implemented in
M5 and M6 with total thickness and width of 1.2µm and
30.0µm, respectively. The secondary winding was placed in
the top metal (M7) with thickness and width of 0.9µm and
40.0µm, respectively. The self-inductances of the galvani-
cally isolated primary windings, Lp, and equivalent secondary
winding, Ls, (four series-connected secondary windings) were
0.5 nH and 1.8 nH, respectively. At 1.9 GHz, the quality fac-
tors, Qp and Qs, were approximately 8 and 5, respectively. In
EM simulations, the loss of a single transformer was 1.6 dB.



Fig. 8. Measured WCDMA spectrum for a channel power of +28 dBm.

Fig. 9. Measured LTE spectrum for a 20 MHz signal with 16-QAM
modulation for a channel power of +24.9 dBm.

III. MEASUREMENT RESULTS

A. Measured RF Performance

Fig. 7 shows the chip photo of the PA implemented in a
130nm CMOS process. The chip was attached to an FR4 PCB
and connected with bond-wires. Two R&S SMBV100A signal
generators with phase-coherent RF outputs and maximum IQ
sample rate of 150 MHz were used in the measurements.

Fig. 5 and Fig. 6 show the measured output power (Pout),
drain efficiency (DE), and power-added efficiency (PAE) over
frequency and outphasing angle, φ, for VDD1 = 1.3 V and VDD2
= 5.5 V. At 1.85 GHz, the output power was +32 dBm with a
DE and PAE of 20.1 % and 15.3 % (including all drivers),
respectively. The 3 dB bandwidth was 0.9 GHz (1.2-2.1 GHz).
The PA had a peak to minimum power ratio of ∼40 dB.

In Table I, published CMOS Class-D RF PAs are listed. The
PA presented in this work has a 3.9 dB higher output power
compared to previously published PAs.

B. Measured Performance of Modulated Signals

Table II presents the measured and required performance
when uplink WCDMA and LTE signals were applied to
the outphasing PA at 1.85 GHz. The channel powers of the
WCDMA and LTE signals were +28.0 dBm and +24.9 dBm,
respectively. The PAPR of the WCDMA and the LTE signal
were 3.5 dB and 6.6 dB, respectively. The measured spectrums
are shown in Fig. 8 and Fig. 9. Spectral and modulation
requirements were met without requiring predistortion. The
PAE was 4 % when amplifying the LTE signal.

IV. CONCLUSIONS

This paper has presented a Class-D outphasing RF PA
which can operate at a 5.5 V supply and deliver +32 dBm in
a standard 130nm CMOS technology. The PA utilizes four
on-chip transformers to combine the outputs of eight Class-
D stages. The Class-D stages utilize a cascode configuration
to allow a 5.5 V supply in the 1.2/2.5 V 130nm process
without excessive device voltage stress. All transistors in the
cascode configuration are driven by an AC-coupled 1.3 V
driver. WCDMA and LTE (20 MHz, 16-QAM) signals were
applied to the PA and for channel powers of +28.0 dBm and
+24.9 dBm, respectively, the PA successfully met the spectral
and modulation requirements.

To the authors’ best knowledge, the PA presented in this
work has a 3.9 dB higher output power compared to previously
published CMOS Class-D RF PAs.
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Abstract — This paper presents a low-power Class-D stage 
featuring a new harmonic reduction technique, which cancels 
the 3rd harmonic and reduces the 5th harmonic. The technique 
creates a voltage level of VDD/2 from a single supply voltage to 
shape the drain voltage, uses only digital circuits and 
eliminates the short-circuit current present in inverter-based 
Class-D stages. From a single Class-D stage operating at 
900MHz, the measured output power is +5.1dBm with Drain 
Efficiency (DE) and Power-Added Efficiency (PAE) of 73% 
and 59% for a 1.2V supply, while 2nd to 4th harmonics are 
measured to be -37dBc without any filtering. Connecting two 
Class-D stages to a PCB-mounted transformer in an 
outphasing configuration, the overall amplifier is linear 
enough to amplify EDGE 8-PSK and WCDMA modulated 
signals at 900MHz without pre-distortion of the input signals 
or any other linearization technique. 

Index Terms — CMOS, amplifiers, power amplifiers, 
harmonic distortion. 

I. INTRODUCTION 

The wireless market has experienced a remarkable 

development and growth in terms of new applications and 

standards, which has led to multi-standard transceivers for 

wireless communication. In order not to contaminate the 

frequency spectrum steep filters are used to suppress the 

harmonics in the output spectrum. As the number of 

supported wireless standards grows, similarly do the 

number of filters. If the RF amplifiers and Power 

Amplifiers (PA) could cancel and lower the harmonics in 

the output spectrum it could be a significant step towards a 

more flexible transmitter structure.  

With the continuously diminishing voltage headroom for 

analog circuits and increased capabilities of digital circuits 

in nanometer CMOS technologies, a natural step is to push 

the design to the digital domain to provide analog 

functionality, e.g. in outphasing Class-D PAs, [1], [2]. 

Therefore, it is suitable to use digital circuits in a harmonic 

cancellation technique. In [3] a polyphase multipath 

technique is presented, which provides harmonic rejection 

up to the 17
th

 order, but with a low efficiency.  

In this paper, a low-power Class-D stage featuring a new 

harmonic reduction technique is presented. The Class-D 

stage cancels the 3
rd

 harmonic and reduces 5
th

 harmonic 

and eliminates the short-circuit current in the output stage, 

which makes it possible to reduce power consumption of 

driver stages. Adding a simple LC filter at the output, all 

harmonics are suppressed >40dBc. Connecting two Class-

D stages to a PCB-mounted RF transformer in an 

outphasing configuration, the overall amplifier achieves 

the required linearity in order to amplify EDGE 8-PSK 

and WCDMA signals at 900MHz without pre-distortion or 

any other linearization technique.  

To the authors’ knowledge, this is the first presented 

outphasing RF amplifier using Class-D stages with 

harmonic reduction for linear amplification. 

The paper is organized as follows. In section II, the 

principle behind the harmonic reduction technique and 

design considerations of a single-ended Class-D stage are 

described. Moreover, in section III the outphasing 

amplifier is described. In section IV transient voltage 

measurements of the single-ended Class-D stage are shown 

as well as the measured performance of the outphasing 

amplifier when modulated signals are applied. Finally, in 

section V the conclusions are drawn.  

II. DESCRIPTION OF THE  

HARMONIC REDUCTION TECHNIQUE  

A. Operation of the single-ended Class-D stage 

In Fig. 1a, the drain voltage waveform of a Class-D 

inverter stage is shown. Removing the 3
rd

 harmonic, which 

is -9.5dB relative to the fundamental tone in a square 

wave, makes the waveform look like the one in Fig. 1b. At 

the same time all even harmonics are zero as long as the 

higher (VDD) and lower (GND) portions of the drain 

voltage are symmetrical and positioned correctly in time. 

To create the voltage in Fig. 1b, two voltage sources and 

ground would be needed. However, a modified output 

 
                              a)                                                        b) 

Fig. 1. Drain voltage waveforms for a: 

 a) Class-D inverter stage 

 b) Class-D stage with  harmonic reduction 



stage is proposed in Fig. 2b, which eliminates the need for 

a second voltage source. By separating the driver stages 

we can create the higher and lower portions of the 

waveform in Fig. 1b, by either pulling the drain high 

through the PMOS transistor (TA), or pulling the drain low 

through the NMOS (TB) transistor. In the intermediate 

state when neither the PMOS (TA), nor the NMOS 

transistor (TB) drive the drain node, the center transistor 

(TC) pulls the drain node to the voltage applied at its 

source terminal. TC is turned on twice per RF cycle as seen 

in Fig. 3. Due to symmetry, the average current through TC 

is zero. Therefore, the “second voltage source” at TC can 

be replaced by a large capacitor (CC) as in Fig. 2b, which 

is alternately being charged and discharged and finally 

settles around VDD/2 in the ideal case. 

B. Chip implementation 

Based on the proposed harmonic reduction technique 

described above, a Class-D stage has been designed and 

manufactured in a 90nm CMOS technology. The Class-D 

stage is shown in Fig. 4, which includes the output stage, 

input buffers and buffers (tapering factor, λ, of 3) for the 

output stage. The chip photo is shown in Fig. 5. At the 

input of the first inverter chains, the RF signal is applied to 

the inverter inputs together with a DC bias. The different 

DC bias levels Vbias1 and Vbias2 set the pulse widths of the 

input signals Vin1,XOR and Vin2,XOR to the XOR gate as in 

Fig. 4. In the ideal case Vin1,XOR and Vin2,XOR are set to a 

pulse width of 4π/3 and 2π/3, respectively, which creates 

the XOR output to a pulse width of π/3. The XOR output 

is buffered to drive the transistor TC and operates at twice 

the fundamental of the output frequency.  

Separation of the driver stages eliminates the short-

circuit current in the output stage as TA and TB are never 

turned on simultaneously. Moreover, the Fourier 

coefficients of the drain voltage waveform reveal that the 

5
th

 harmonic drops a few dB when the rise and fall-times 

are increased, while the fundamental tone is hardly 

affected and the 2
nd

 to 4
th

 harmonics do not appear in the 

output spectrum. Consequently, the requirements of the 

buffers for the output stage are even further relaxed. The 

Fourier analysis further reveals a susceptibility to 

misalignment of the positive and negative portions of the 

drain voltage waveform, which most importantly give rise 

to the 2
nd

 and 4
th

 harmonics. To keep a harmonic level of  

-30dBc, only a few degrees of misalignment is tolerated.  

To be able to directly connect the Class-D stage to a 

spectrum analyzer, the Class-D stage was designed for a 

resistive 50Ω load and optimized for PAE at 900MHz. 

The DE includes only the output stage, while the PAE 

includes output stage and buffers for the output stage, 

optimized to balance series resistance losses and 

capacitive losses. The power to drive the buffers of the 

output stage is considered as input power. Adding a simple 

LC filter (Lfilter, Cfilter in Fig. 4) with characteristic 

impedance of 50Ω a wideband match is attained, which 

also provides filtering of higher order harmonics (5
th

 

harmonic and higher). 

III. DESIGN OF THE OUTPHASING RF AMPLIFIER  

A major challenge in outphasing amplifiers is to 

combine the outputs of the individual amplifiers without 

 
                          a)                                                b) 

Fig. 2. a) Class-D inverter-based stage  

 b) Class-D stage with the proposed harmonic reduction 

 technique 

 
Fig. 3. Drive signals for the output stage 

 

Fig. 4. Class-D stage with harmonic reduction, including buffers 

 and off-chip filter (Lfilter, Cfilter) 
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Fig. 5. Chip photo with size 1x1mm2  



introducing distortion on the signal. Typically, a maximum 

of 0.3-degree phase mismatch and a 0.5dB-gain mismatch 

are allowed between the two paths to pass spectrum 

emission requirements. Previous published CMOS 

outphasing PAs typically use on-chip [1] or off-chip [2] 

λ/4 transmission lines to combine the two individual 

constant-envelope signals. Just connecting the load 

between the two outputs may require a load impedance 

compensation scheme if the output stage is sensitive to the 

load impedance [4]. Using a Class-D inverter stage 

mitigates this issue. Driving a Class-D inverter stage hard 

enough makes it possible to consider the output stage as a 

square wave source, with an internal resistance and drain 

capacitance. Connecting two Class-D stages across a 

common load, the Class-D stages will see varying 

inductive and capacitive impedances [4], [5], depending 

on the phase difference between s1 and s2. However, the 

voltage across the load is still proportional to the 

difference in output voltage of the two square waves 

driving the load and do not depend on the impedances 

seen by the individual amplifier stages, and therefore it can 

be used for outphasing. We can also conclude that if the 

amplifier stages are not sensitive to the load impedance, 

two such amplifiers lacking 3
rd

 harmonic will keep this 

property when they are used in an outphasing amplifier. 

The outphasing amplifier consists of two Class-D stages 

(without LC filter) as previously described in section II, 

with a PCB-mounted RF transformer (Mini-Circuits JTX-

2-10T) with an insertion loss of ~1.2dB at 900MHz. From 

the output stages of the Class-D stages, short transmission 

lines of 17.5mm (about λ/10) were used to connect to the 

transformer. 

IV. EXPERIMENTAL RESULTS 

Transient voltage measurements for a single-ended 

Class-D stage without any filter are provided in Fig. 6 and 

Fig. 7 at 400 and 900MHz, respectively. In both plots the 

charge and discharge periods of the proposed Class-D 

stage can be identified, and it is also shown how the drain 

voltage of the Class-D stage is pulled to the DC voltage 

built up across CC when neither TA nor TB are turned on 

(0V in the plots since the DC level of the drain voltage is 

removed by a DC blocking capacitor put in series with the 

50Ω load). Without any filter, the output power at 

900MHz is +5.1dBm with a DE and PAE of 73% and 59% 

with a gain of 24dB. The Class-D stage has a 3dB 

bandwidth of 2.5GHz (0-2.5GHz). In Fig. 8, the peak-hold 

spectral measurement up to 5GHz of an FSK-modulated 

signal [6] (fdeviation = 50kHz, 50kbit/s) with a RBW of 

1MHz is provided. Measurements with and without filter 

are plotted together, where the harmonics are marked with 

rings. Without filtering, the 2
nd

 to 4
th

 harmonics are 

measured to be -37dBc and below -30dBm [7], while the 

non-cancelled 5
th

 harmonic is -13dBm. Adding a filter 

with cut-off frequency of ~1GHz, provides sufficient 

filtering of all harmonics to attenuate all harmonics below 

-40dBm except for the 5
th

 harmonic, which has a strength 

of -36dBm (-41dBc). 

Using the filter at the output, the output power is 

+5.3dBm, with a DE and PAE of 62% and 52%, 

respectively, compared to 56% and 31% for a state-of-the-

art low-power transceiver [6]. Due to the simplicity of the 

filter and the high efficiency of the output stage it becomes 

attractive for low-power transceivers. In both cases, with 

and without filters, the 3
rd

 harmonic is reduced more than 

30dB from the theoretical value (<-34.4dBm = +5.1dBm 

-9.5dB-30dB). 

 

Fig. 6. Measured transient output voltage (solid black) at 400MHz 

 (normalized) for the output stage as in Fig. 2b without filter 

 

Fig. 7. Measured transient output voltage (solid black) at 900MHz 

 (normalized) for the output stage as in Fig. 2b without filter 

 
Fig. 8. Measured modulated peak-hold spectrum with filter (black) 

 and without filter (gray) for single-ended Class-D stage 

 operating at 900MHz 



To demonstrate the potential of using the Class-D stage 

with harmonic reduction for linear amplification, EDGE 8-

PSK and WCDMA modulated signals are applied to the 

outphasing amplifier. EDGE 8-PSK pose challenges in 

meeting the spectral requirements at 400kHz (-54dBc) and 

600kHz (-60dBc) offset from the carrier and WCDMA in 

terms of its ACLR requirements. The signal generator used 

was a Rohde & Schwarz (R&S) SMU200A with two phase 

coherent RF outputs (SMU-B90) and an arbitrary 

waveform generator with a maximum sample rate of 

100MHz, where the waveform data of the outphasing 

signals s1 and s2 were downloaded.  

In Fig. 9 the relative spectral density is plotted for the 

EDGE signal, where the margins to the spectral is mask is 

~1.5dB and ~4dB at 400kHz and 600kHz offsets, 

respectively. Moreover, the ACLR measurements for 

WCDMA signal is provided in Fig. 10, which complies 

with requirements for user equipment [8]. The reference 

signal had an ACLR of -63dBc and -70dBc at 5MHz and 

10MHz offsets, respectively. Operating the outphasing 

amplifier at 900MHz, the maximum delivered output 

power is +6.3dBm with a DE and PAE of 40% and 33%, 

respectively, with all harmonics <-35dBc without any 

filter. 

V. SUMMARY 

This paper has presented a low-power Class-D stage 

featuring a new harmonic reduction technique, which 

cancels the 3
rd

 harmonic and reduces the 5
th

 harmonic. The 

technique creates a voltage level of VDD/2 from a single 

supply voltage to shape the drain voltage, uses only digital 

circuits and eliminates the short-circuit current present in 

Class-D inverter-based stages. From a single Class-D stage 

operating at 900MHz the output power is +5.1dBm with 

DE and PAE of 73% and 59% for a 1.2V supply, while 2
nd

 

to 4
th

 harmonics are -37dBc without any filtering. Adding 

a simple LC filter, all harmonics are smaller than -36dBm 

(-41dBc). With and without filters, the 3
rd

 harmonic is 

reduced more than 30dB from its theoretical value. To 

demonstrate the potential of using the Class-D stage with 

harmonic reduction for linear amplification, two Class-D 

stages were connected to a PCB-mounted RF transformer 

in an outphasing configuration. EDGE 8-PSK and 

WCDMA signals were applied as test signals and spectral 

and modulation requirements were met without pre-

distortion or any other linearization technique.   
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Abstract—This paper presents a behavioral model structure
and a model-based phase-only predistortion method suitable for
outphasing RF amplifiers. The predistortion method is based
on a model of the amplifier with a constant gain factor and
phase rotation for each outphasing signal, and a predistorter with
phase rotation only. The method has been used for EDGE and
WCDMA signals applied to a Class-D outphasing RF amplifier
with an on-chip transformer used for power combining in 90nm
CMOS. The measured peak power at 2 GHz was +10.3 dBm with
a drain efficiency and power-added efficiency of 39 % and 33 %,
respectively. For an EDGE 8-PSK signal with a phase error of 3 ◦

between the two input outphasing signals, the measured power
at 400 kHz offset was -65.9 dB with predistortion, compared to
-53.5 dB without predistortion. For a WCDMA signal with the
same phase error between the input signals, the measured ACLR
at 5 MHz offset was -50.2 dBc with predistortion, compared to
-38.0 dBc without predistortion.

Index Terms—outphasing, CMOS, amplifier, linearization.

I. INTRODUCTION

TO meet the increasing demand for higher data rates,
wireless systems target larger bandwidths and higher

bandwidth efficiency. For more efficient use of the limited fre-
quency spectrum, non-constant envelope modulation schemes
are used, which require high linearity in the transmitter circuits
in order to comply with spectral and modulation require-
ments. To benefit from the CMOS scaling in terms of power
consumption and silicon area, a highly “digital” transmitter
is desirable in the development of mobile multistandard RF
transceivers [1]. Potential solutions are the polar transmitter,
shown for EDGE [2], and the outphasing transmitter [3].

In the outphasing transmitter, the original non-constant
envelope-modulated signal is used to create two constant-
envelope signals, separately amplified by two highly efficient
switched amplifiers, like Class-D, and then recombined in
a power combiner. In practice the two amplifier stages and
signals will experience gain and phase imbalances, creating
nonlinearities and spectral distortion [4]. Previous predistor-
tion methods of RF power amplifiers (PA) include model-
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based predistorters using model structures such as Volterra
series [5], parallel Hammerstein structures [6], or look-up
tables [2], which also can be made adaptive [7].

With the increased interest in linearized switched amplifiers,
like the outphasing amplifier, suitable amplifier models and
predistortion methods are necessary. A number of methods
have been presented, but only a few have been verified in
measurements. Phase-predistortion was evaluated for Chireix
combiners in simulations and by using signal generators in
measurements (no PA was used) [4]. A gain/phase imbalance-
minimization technique was verified in measurements in [8],
and predistortion was used for high power devices in [9].
In [9], the predistorter separately compensates for gain and
phase imbalances, where the gain imbalance is eliminated by
changing the amplitudes of the input outphasing signals. The
gain imbalance can also be eliminated by adjusting the voltage
supplies in the output stage [10].

This paper presents a behavioral model structure and a
model-based phase-only predistortion method suitable for out-
phasing RF amplifiers. The predistorter proposed in this paper
compensates for both amplitude and phase distortion by chang-
ing only the phases of the two input outphasing signals. The
proposed predistortion method has been used for EDGE and
WCDMA signals applied to a Class-D outphasing RF amplifier
with an on-chip transformer used for power combining in
90nm CMOS. The predistortion method is applicable at the
baseband level and has not been implemented in hardware.

The outline of the paper is as follows. In Section II, the
outphasing concept is explained. In Section III, the behavioral
model and the phase predistortion method are described.
The implemented amplifier is described in Section IV. In
Section V, the measured RF performance and the performance
for modulated signals with and without phase-predistortion are
presented. In Section VI, the conclusions are provided.

II. OUTPHASING CONCEPT

Fig. 1(a) shows the outphasing concept, where a non-
constant envelope-modulated signal

s(t) = r(t)ejα(t) = rmaxcos(ϕ(t))ejα(t), 0 ≤ r(t) ≤ rmax (1)

where rmax is a real-valued constant, is used to create two
constant-envelope signals, s1(t) and s2(t), as

s1(t) = s(t) + e(t) = rmaxe
jα(t)ejϕ(t)

s2(t) = s(t)− e(t) = rmaxe
jα(t)e−jϕ(t) (2)

e(t) = js(t)

√
r2

max

r2(t)
− 1.
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(a) (b)

Fig. 1. (a) Outphasing concept and signal decomposition. (b) Ideal power
combining of the two constant-envelope signals.

The two constant-envelope signals contain the original sig-
nal, s(t), and a quadrature signal, e(t), and are suitably
amplified by switched amplifiers like Class-D. By separately
amplifying s1(t) and s2(t), and combining the outputs of the
two individual amplifiers, the original signal is reconstructed
and amplified as in Fig. 1(b). In the sequel, PA refers to
the complete outphasing amplifier and amplifier refers to the
switched amplifiers A1 and A2.

Letting g1 and g2 denote two real valued gain factors, on
s1(t) and s2(t), and δ a phase mismatch in the path for s1(t),
then it is clear from

y(t) = g1e
jδs1(t) + g2s2(t)

= [g1e
jδ + g2]s(t) + [g1e

jδ − g2]e(t), (3)

that besides the amplified signal, a part of the quadrature signal
remains. The quadrature signal has a larger bandwidth than the
original signal, s(t), and degrades Adjacent Channel Leakage
Ratio (ACLR) and reduces the margins to the spectral mask,
unless canceled in the power combiner [4]. In order not to
allow a residual quadrature component to distort the spectrum
or limit the Dynamic Range (DR)

DR = 20 log10

(
|max(y(t))|
|min(y(t))|

)
= 20 log10

(
|g1 + g2|
|g1 − g2|

)
(4)

of the PA, the phase and gain mismatches between s1(t) and
s2(t) must be minimized [4]. The DR sets limits on which
output amplitudes can be achieved with the PA, but within
the DR the PA can achieve all amplitudes by changing the
phases of the outphasing signals. The constant gain, g1 and g2,
approximations are especially suitable for Class-D amplifiers,
where the output can be considered as an ideal voltage source
whose output voltage is independent of the load [11]. This
also makes Class-D suitable for non-isolating combiners like
transformers, recently demonstrated in [12].

III. PREDISTORTION

A digital predistorter (DPD) has been designed to predistort
the input of the implemented PA to cancel the nonlinearities,
and is ideally the inverse of the PA transfer function.

Models describing the behavior between the PA input and
output as well as the PA inverse, the DPD, have been estimated
using estimation data sets (EDGE and WCDMA signals). The
DPD was applied to a second data set, validation input data,
and the DPD output was applied to the PA. The DPD was
estimated in cascade with the PA model, as in Fig. 2(c), to
assure that the pre-inverse is obtained, which is not necessarily
the same as the post-inverse in the general case [13]. Moreover,

(a) (b)

(c) (d)

Fig. 2. The inputs and outputs of (a) the PA, (b) the PA model, (c) the DPD
and PA model (d) the DPD and PA. (c) illustrates the DPD estimation setup
and (d) the intended use of the DPD.

most system identification methods assume additive noise on
the output [14], whereas an estimation of the post-inverse,
from the output y(t) to the input s(t), would have the noise
at the estimation input signal y(t).

The largest amplitude of the input signal and the measured
output signal were normalized to 1, thus g1 + g2 was nor-
malized to 1 during modeling. Despite the fact that the PA is
analog and the baseband model is time-discrete, the notation
t is used for indicating the dependency of time. Based on the
context, t may thus be a continuous or discrete quantity.
A. PA model

The PA model was estimated from the input s(t) and the
measured output y(t) of the PA as in Fig. 2(a). With the gain
mismatch between g1 and g2 and a time delay τ , a first model
structure, Model structure A, was suggested as

yA(t) = g1s1(t+ τ) + g2s2(t), (5)

where τ is a real valued constant. Applying this model to
estimation input data, the phase error appeared to be dependent
on the amplitude of the input; the phase shift increases with an
increasing input amplitude. Fig. 1(a) shows that the amplitude
information of the original input signal s(t) can be found in
the angle between s1(t) and s2(t),

∆ψ(s1, s2) = arg(s1(t))− arg(s2(t)), (6)

where ∆ψ = 2ϕ in Fig. 1(a). Here, the phases are assumed to
be unwrapped.

To model the amplitude dependent phase shift without
changing the constant amplitude of the signals s1(t) and
s2(t), a model structure with an exponential function with a
polynomial of order n in the exponent was used. This model,
referred to as Model structure B, can be described by

yB(t) = g1s1(t)ej p(η1,∆ψ(s1,s2))

+ g2s2(t)ej p(η2,∆ψ(s1,s2)) (7)

where η1, η2 are the vectors of polynomial coefficients in

p(ηk,∆ψ(s1, s2)) =
n∑
i=0

ηk,i∆ψ(s1, s2)i, k = 1, 2. (8)

Model structure B with the additional constraint η1,i =
η2,i, i = 1, 2, . . . , n is referred to as Model structure C.

The model parameters in a given model structure are esti-
mated by minimizing a quadratic cost function [14] as in

θ̂ = argmin
θ

N∑
t=1

|y(t)− ŷ(t, θ)|2 (9)
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ŷ(t, θ) = g1s1(t)ej p(η1,∆ψ(s1,s2))

+ g2s2(t)ej p(η2,∆ψ(s1,s2)) (10)

where θ = [g1 g2 ηT1 ηT2 ]T ∈ R2n+4, y(t) is the mea-
sured output data and ŷ(t) is the modeled output, compare
Fig. 2(a) and 2(b). This structure leads to a nonlinear and
possibly nonconvex optimization problem, so the minimization
algorithm might find a local optimum instead of a global.

B. DPD model

When identifying the DPD model, the model structure was
assumed to be the same as for the PA model, motivated
by the Stone-Weierstrass theorem (Theorem 7.26 [15]). The
minimization criterion used was

θ̂DPD = argmin
θDPD

N∑
t=1

|s(t)− ŷP(t, θDPD)|2 , (11)

ŷP(t, θDPD) = ĝ1s1,P(t)ej p(η̂1,∆ψ(s1,P,s2,P))

+ ĝ2s2,P(t)ej p(η̂2,∆ψ(s1,P,s2,P)) (12)

where

sk,P(t) = sk(t)ej p(ηk,DPD,∆ψ(s1,s2)), k = 1, 2, (13)

and θDPD = [ηT1,DPD ηT2,DPD]T ∈ R2n+2. The signal ŷp(t) is
the output from the PA model, using a predistorted input, as
in Fig. 2(c). The resulting estimated parameter vector θ̂DPD
contains the DPD model parameters. With these parameters
the signals s1,val,P(t) and s2,val,P(t) were created using the
validation data and applied to the PA as in Fig. 2(d). The
measured results are presented in Section V.

C. Theoretical motivation of the DPD Model

At the output of the combiner, the perfect predistorter should
lead to a (normalized) output which is a copy of the input, i.e.
no amplitude or phase alteration should occur. This holds if
the signals y1(t), y2(t) from Fig. 1 are equal to s1(t), s2(t)
from (2) except for the gain. Nonidentical gain factors result in
a scaling and an added phase shift, and yk(t) should instead
be compared to s̃k(t) (the input signal s(t) decomposed as
y(t) with gain factors g1 and g2), so that s̃1(t) + s̃2(t) =
s(t), |s̃k(t)| = gk, k = 1, 2 and arg(s̃1(t)) ≥ arg(s̃2(t)). The
phase shifts ξk = arg(s̃k(t)) − arg(sk(t)), k = 1, 2, depend
only on g1 and g2 and |s(t)|, or ∆ψ , where ∆ψ = ∆ψ(s1, s2).

Let fk(v) be the (perfect) model of the phase shift in the
PA defined as

y(t) = y1(t) + y2(t)

= g1s1(t)ej f1(∆ψ) + g2s2(t)ej f2(∆ψ) (14)

and hk(v) be the (ideal) predistorter working on input sk(t),

yP(t) = g1s1,P(t)ej f1(∆ψ(s1,P,s2,P)) + g2s2,P(t)ej f2(∆ψ(s1,P,s2,P))

sk,P(t) = sk(t)ej hk(∆ψ(s1,s2)), k = 1, 2. (15)

Defining f̃(v) = v + f1(v) − f2(v) and h̃(v) = v + h1(v) −
h2(v), and requiring no output amplitude change leads to

∆ψ(y1,P, y2,P) = f̃(h̃(∆ψ)) = ξ(∆ψ)

h̃(∆ψ) = f̃−1(ξ(∆ψ)), (16)

(a) (b)

Fig. 3. (a) The deviation from the ideal phase difference at the output without
predistortion (line 1) and with predistortion (line 2), for Model structure B
identified for EDGE input. (b) The deviations from the ideal phase of the
signals y1 and y2 without predistortion (y1 line 3 and y2 line 4) and with
predistortion (y1 line 5 and y2 line 6, lines 5 and 6 reach a value of 1.06).
The measurements with ∆ψ > 2.8 (right of the vertical line) represent 0.6 %
of the data.

where ξ(∆ψ) = ∆ψ + ξ1(∆ψ)− ξ2(∆ψ).
The phase change can be calculated as

arg(y1,P(t)) = arg(s1(t)) + h1(∆ψ) + f1(h̃(∆ψ)) (17)

and requiring arg(y1,P(t)) = arg(s̃1(t)) = arg(s1) + ξ1(∆ψ)
leads to

h1(∆ψ) = −f1(h̃(∆ψ)) + ξ1(∆ψ) (18)

if no phase shift is to occur, and analogously

h2(∆ψ) = −f2(h̃(∆ψ)) + ξ2(∆ψ). (19)

Choosing predistorters according to (18) and (19) used
as in (15), it is possible to achieve a perfect compensation
in the PA described by (14). Two independent predistorters
are used, one for each signal s1(t) and s2(t). Though the
predistorters used are not ideal but estimated using measured
data, the same requirements of no phase shift and no amplitude
change are valid. The resulting deviation from the ideal phase
difference leads to a change in output amplitude with and
without predistortion for EDGE as shown in Fig. 3(a), for
Model structure B, and is clearly reduced by the DPD. The
deviations from the ideal phase in each signal path should be
zero and the DPD reduces the deviations in a large part of the
working area, as seen in Fig. 3(b). The output phase deviation
is also improved, shown by the small deviation from the ideal
phases of y1(t) and y2(t) after predistortion.

IV. IMPLEMENTATION OF THE CLASS-D
OUTPHASING RF AMPLIFIER

Fig. 4 shows the implemented Class-D outphasing amplifier
with an inverter-based output stage and an on-chip transformer
as power combiner. Fig. 5 shows the chip photo. The chip was
bonded on a FR4 printed circuit board and connected with
bond-wires. The NMOS, T1 and T3, and PMOS, T2 and T4,
transistor widths in the output stage were 60µm and 180µm,
respectively. An off-chip capacitor (Ctune) was used to set
the frequency characteristics, optimized at 2 GHz. The buffers
of the output stage were tapered buffers with tapering factor
λ = 3. A 4:3 turns ratio was used in the transformer for a
high coupling factor and a high bandwidth, but constrains the
output power to levels suitable for transceivers and low-power
PAs. The self-inductances of the galvanically isolated primary,
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Fig. 4. Implemented outphasing amplifier with inverters in the output stage.

Fig. 5. Photo of the chip with size 1x1mm2.

Lp, and secondary, Ls, windings were 3.7 nH and 2.5 nH,
respectively. The windings were implemented in the top three
metal layers and had a total thickness of 2µm. The quality
factors, Qp and Qs, were 10 and 8 at 2 GHz, respectively. On-
chip resistors were used for an equivalent input impedance of
50 Ω at the chip edge for each RF input (s1(t) and −s2(t)).

V. MEASUREMENT RESULTS

A. Measured RF Performance

Fig. 6 shows the measured maximum output power (Pout)
with the drain efficiency (DE) and power-added efficiency
(PAE) over frequency for the amplifier only (the predistortion
method has not been implemented in hardware). VDD and Vbias
were 1.3 V and 0.65 V, respectively. The 3 dB bandwidth was
2 GHz (1-3 GHz). At 2 GHz, the output power was +10.3 dBm
with a DE and PAE of 39 % and 33 %, respectively. The gain
was 23 dB from the buffers to the output. The minimum and
maximum output power and DR of the PA are plotted in Fig. 7,
where Pout,max = Pout in Fig. 6. In simulations at 2 GHz, the
DR was ∼30 dB for a large number of load impedances (RL).
Thus, the predistortion method is expected to give similar
ACLR performance as reported in Section V-B even if the
load is changed.

B. Measured Performance of Modulated Signals

The Peak-to-Average Power Ratios (PAPR) of the EDGE
and WCDMA signals were 3.0 dB and 3.2 dB, respectively.
The spectrum of the estimation data sets are shown in Fig. 8(d)
and Fig. 9(d). The signal generator was an SMU200A with two
phase-coherent RF outputs and an arbitrary waveform gener-
ator where s1(t) and s2(t) were stored. For the computation
of the model parameters a variety of algorithms are available
to solve the nonlinear optimization problem. In this paper, the
Matlab routine fminsearch, based on the Nelder-Mead simplex
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Fig. 7. Measured maximum output power, Pout,max, and minimum output
power, Pout,min, and dynamic range, DR, over frequency.

method, was used. The estimation and validation data sets con-
tain Nid and Nval samples, respectively. The input and output
sampling frequencies are denoted fs and fs,out, respectively.
To minimize the influence of measurement noise, the signals
were measured K times, and a mean was calculated. The data
collection parameters are shown in Table I.

Measurements with two amplitude-matched signal genera-
tors, i.e. g1 = g2 = 0.5, show that phase errors of 12 ◦ and 4 ◦

are acceptable for WCDMA and EDGE to meet the ACLR
and 400/600 kHz offset requirements. Thus, a predistortion
implementation would require a phase resolution of at least
7 bits, i.e. 360 ◦/27 = 2.81 ◦. For each bit of increased
phase resolution, the ACLR and margins to the spectral mask
improve by ∼3 dB.

The measured performance of the amplifier for modulated
signals are summarized in Table II and Table III. For the
EDGE signal at 1 GHz, the phase offset between s1(t) and
s2(t) in the baseband was adjusted to minimize phase mis-
match (ideally 180 ◦ between the two RF inputs for non-
modulated s1(t) and −s2(t) in Fig. 4, i.e. maximum output
power for a continuous signal). The margins to the spectral
mask were 4.0 and 7.0 dB at 400 and 600 kHz offset from the
carrier, and no predistortion was applied. At 2 GHz, including
phase adjustments, the margins to the mask have disappeared
as shown in Fig. 8(a). As the phase error cannot be assumed
to be 0 ◦ in a transceiver, a phase error of 3 ◦ was added and
led to a violated spectral mask as in Fig. 8(b).

The estimation output data y(t) were used in the pre-
distortion method to extract the model parameters, using

TABLE I
DATA COLLECTION

Nid Nval fs fs,out K
EDGE 40 001 80 001 8.67 MHz 34.68 MHz 150
WCDMA 153 600 153 600 61.44 MHz 61.44 MHz 200
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Model structure B with n = 5. The predistorted input signals,
s1,val,P(t) and s2,val,P(t), were computed for the validation
input signal, resulting in an output spectrum as shown in
Fig. 8(c). The measured power at 400 and 600 kHz offsets
were -65.9 and -68.2 dB, respectively. The average power at
2 GHz was +7 dBm with 22 % PAE and RMS EVM of 2 %.

Fig. 9(a) shows the measured WCDMA spectrum at 2 GHz,
with minimized phase mismatch and no predistortion. Adding
3 ◦ of phase error, a distorted spectrum as in Fig. 9(b) was mea-
sured. The phase predistortion method, using Model Structure
C with n = 4, for the validation signal, improves the measured
ACLR at 5 MHz offset to -50.2 dBc, with a spectrum shown
in Fig. 9(c). At 1 GHz, similar performance was achieved as
seen in Table III. The channel power at 2 GHz was +6.3 dBm
with PAE of 22 % and RMS composite EVM of 1.4 % (0.6 %
after DPD). The RX noise floor after predistortion, assuming
a 45 MHz offset, was -140 dBc/Hz and limited by the signal
generator phase noise, not the outphasing amplifier. Before
predistortion, the noise floor was -138 dBc/Hz.

The measured spectral performance at 400 kHz offset
and the ACLR at 5 MHz is comparable to state-of-the-art
EDGE [2] and WCDMA [16] transmitters.

VI. CONCLUSIONS

This paper presents a behavioral model structure and a
model-based phase-only predistortion method suitable for out-
phasing RF amplifiers. The predistortion method is applicable
at the signal generation level in the baseband, and it has been
used for EDGE and WCDMA signals applied to a Class-D
outphasing RF amplifier with an on-chip transformer for power
combining in 90nm CMOS. In measurements at 2 GHz, the

TABLE II
MEASURED SPECTRAL PERFORMANCE OF THE EDGE SIGNAL

Freq. Freq. offset Spec. Meas. (a) Meas. (b) Meas. (c)
2 GHz 400 kHz -54 dB -54.4 dB -53.5 dB -65.9 dB

600 kHz -60 dB -60.3 dB -59.9 dB -68.2 dB

(a) With no phase error and no DPD.
(b) For a 3 ◦ phase error and no DPD.
(c) When DPD is applied to (b).

TABLE III
MEASURED SPECTRAL PERFORMANCE OF THE WCDMA SIGNAL

Freq. ACLR Spec. Meas. (a) Meas. (b) Meas. (c)
1 GHz 5 MHz -33 dBc -40.6 dBc -39.4 dBc -53.6 dBc

10 MHz -43 dBc -59.8 dBc -56.2 dBc -60.3 dBc
2 GHz 5 MHz -33 dBc -43.4 dBc -38.0 dBc -50.2 dBc

10 MHz -43 dBc -53.9 dBc -50.9 dBc -52.2 dBc

See Table II for description of (a)-(c).

DPD proved to be successful and improved the margin to the
EDGE spectral mask at 400 kHz and the WCDMA ACLR at
5 MHz offset by 12.2-12.4 dB.
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Abstract—This paper presents the design and analysis of a 

low-power Class-D stage in 90nm CMOS featuring a harmonic 
suppression technique, which cancels the 3rd harmonic by 
shaping the output voltage waveform. Only digital circuits are 
used and the short-circuit current present in Class-D inverter-
based output stages is eliminated, relaxing the buffer 
requirements. Using buffers with reduced drive strength for the 
output stage reduces the 5th harmonic at the output, as the rise 
and fall time of the output voltage increase. Operating at 
900MHz, the measured output power was +5.1dBm with Drain 
Efficiency (DE) and Power-Added Efficiency (PAE) of 73% and 
59% at 1.2V. The 3rd and 5th harmonics were suppressed by 
34dB and 4dB, respectively, compared to an inverter-based Class-
D stage.1  
Index Terms—radio transmitter, CMOS, harmonic rejection 

I. INTRODUCTION 

ITH the improved speed of the CMOS transistors, 

highly efficient switched amplifiers, like Class-D and 

Class-E, have gained increased interest not only for constant 

envelope amplification, but also in linearization schemes like 

polar modulation and outphasing at radio frequencies [1]-[12]. 

While switched amplifiers may provide higher power 

efficiency compared to traditional linear amplifiers, they also 

generate strong harmonics in the output spectrum unless 

filtered out. In order not to contaminate the frequency 

spectrum, filters are used to suppress the harmonics in the 

output spectrum, and as the number of wireless standards 

grows, so does the number of filters. Therefore, suppression 

of the harmonics in the output spectrum, by not generating 

them in the RF amplifiers, could be an important step towards 

a more flexible transmitter structure covering multiple 

frequency bands. Harmonic rejection solutions for receivers 

have been proposed in [13]-[15]. Previous approaches on 

harmonic suppression in transmitter circuits include harmonic 

rejection mixers canceling 3rd and 5th
 
harmonics [16], as well 

as multiphase [17] and polyphase multipath [18], [19] 

techniques. The polyphase multipath technique presented in 

[18], [19], used digital circuits and switched transconductor 
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mixers in the output stage and utilized the circuit theory in 

[20]. The technique suppressed harmonics and sidebands to 

levels smaller than -40dBc up to the 17th order but with a low 

efficiency.  

In this paper, we present the design and analysis of a low-

power Class-D stage featuring a harmonic suppression 

technique [1]. The Class-D stage suppresses the 3rd harmonic 

in the output spectrum by shaping the drain voltage. Due to the 

switching scheme of the proposed Class-D stage, the short-

circuit current is eliminated, relaxing the buffer requirements 

of the output stage. Using buffers with reduced drive strength 

for the output stage reduces the 5th harmonic at the output, as 

the rise and fall time of the output voltage increase. The 

proposed Class-D stage is suitable for constant envelope 

modulation, but can also be used in outphasing applications 

[1]. The design of outphasing amplifiers is further discussed in 

[21].  

The paper is organized as follows. In section II, the 

operation of the proposed Class-D stage with harmonic 

suppression is explained. This section also covers the 

implementation and presents an analysis of the harmonic 
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Figure 1.   a) Class-D inverter-based stage  
     b) Drain voltage waveform of the Class-D inverter-based   
     stage 
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Figure 2.   a) Proposed Class-D stage with harmonic suppression  
     b) Drain voltage waveform of the Class-D stage with    
      harmonic suppression 



 

contents of the output voltage. In section III, a performance 

comparison, based on simulations, of the proposed Class-D 

stage and an inverter-based Class-D stage is presented. In 

section IV, the measurements of the Class-D stage with 

harmonic suppression are presented, followed by conclusions 

in section V. 

II. DESCRIPTION OF THE CLASS-D  

STAGE WITH HARMONIC SUPPRESSION  

A. Operation of the Proposed Class-D Stage with 

Harmonic Suppression 

Figure 1a shows an inverter-based Class-D stage, using a 

PMOS and an NMOS transistor, TA and TB. Considering the 

square-wave drain voltage in Figure 1b, the closest and 

strongest harmonic compared to the fundamental tone is the 

3rd harmonic, which is -9.5dB relative the fundamental tone. 

If the 3rd harmonic could be eliminated from the square-

wave, the resulting waveform would look like the one in 

Figure 2b. This does not generate 2nd and 4th harmonics as 

long as the VDD and ground portions of the drain voltage are 

symmetrical and positioned correctly in time. This means that 

the output spectrum of the output voltage in Figure 3 would 

be clean up to the 5th harmonic (-14dBc), which is also 

indicated by the Fourier coefficients in (1). 
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To create the desired drain voltage (Figure 2b), two 

voltage sources and ground would be needed. Figure 2a 

shows the proposed Class-D stage with harmonic 

suppression, including one additional transistor (TC) and a 

capacitor (CC), which also eliminates the need for a second 

voltage source (VDD/2).  

The operation of the Class-D stage is as follows. The three 

transistors in the output stage have separate drive signals 

(Vdrv). The drain of the output stage can be pulled to VDD 

through the PMOS transistor (TA) or pulled down to ground 

via the NMOS transistor (TB). When neither the transistor TA, 

nor the transistor TB drives the drain node, the center 

transistor (TC) connects the capacitor CC to the drain node. 

Figure 4 shows the drive signals of the output stage. 

Transistor TC is turned on twice per cycle. 

Consider the case when transistor TA has pulled the drain 

node to VDD and charged the drain capacitance (Cd) to VDD. 

When TA turns off, and TC still is turned off, the drain 

capacitance starts to discharge via the load resistance RL. 

Once TC is turned on, there is a charge redistribution between 

CC and Cd, such that the voltage across them becomes the 

same. Consequently, since the voltage VC across CC is lower 

than VDD, there will be a current going into the drain of TC to 

charge CC as illustrated in Figure 5a.  

Similarly, we can consider the case when transistor TB has 

pulled down the drain node to ground and discharged the drain 

capacitance. When TB turns off, and TC still is turned off, the 

drain capacitance starts to charge via the load resistance. Once 

TC is turned on the charge redistribution occurs again. 

However, this time there will be a current going out of the 

drain of TC to discharge CC as shown in Figure 5b. The CC 

capacitor is alternately being charged and discharged. Due to 

the symmetry, the average current through TC becomes zero 

 
 
Figure 3.   Ideal output voltage waveform 

 

 
 
Figure 4.   Drive signals of the output stage with harmonic     
     suppression 
 

 
                                 (a)             (b) 

 
Figure 5.   Charging and discharging of the CC capacitor and the drain 
     capacitance Cd. The arrows represent the direction of the  
     currents 

 

 
Figure 6.    Simulation results of the output stage of the proposed Class-
     D stage with harmonic suppression (VDD = 1.2V) 

 



 

when VC has settled at VDD/2. Therefore, the need for a 

second voltage source of VDD/2 is eliminated and can be 

replaced by a large capacitor CC as in the proposed Class-D 

stage.  

The time needed for the charge redistribution to occur 

depends on the on-resistance of TC. Too high on-resistance 

makes the transitions slower and affects the shape of the drain 

voltage. A sufficiently large capacitor CC (CC >> Cd) must be 

chosen to ensure a stable VC voltage during the charge and 

discharge periods of the drain capacitance. To further 

demonstrate the operation of the Class-D stage, ideal 

simulation results are shown in Figure 6. In the figure, the 

charge and discharge currents are clearly visible as well as the 

small changes in VC during charging and discharging of CC. 

B. Implementation of the Class-D Stage with Harmonic 

Suppression 

Figure 7 shows the proposed Class-D stage with harmonic 

suppression including all buffers, designed and manufactured 

in a 90nm CMOS technology. The chip photo is shown in 

Figure 8 and includes the output stage, input buffers and the 

buffers for the output stage. The tapering factor λ (λ = λn = 

λnc) of the buffers was = 3. To be able to directly connect the 

Class-D stage to a spectrum analyzer and demonstrate the 

harmonic suppression technique, the amplifier was designed 

for a 50Ω load and optimized for power-added efficiency at 

900MHz for a 1.2V supply. The drain efficiency (DE) 

includes the output stage, while the power-added efficiency 

(PAE) includes the output stage and the buffers of the output 

stage. The DC power to drive the buffers was considered as 

input power. 

The target operation frequency 900MHz was chosen 

because of the low output power of the Class-D stage, and its 

suitability for the closely located European Short-Range 

Devices (SRD) 862-870MHz and the North American 902-

928MHz Industrial Scientific & Medical (ISM) frequency 

bands.  

The required drive signals of the output stage were shown 

in Figure 4, where the pulse widths for the transistors TA and 

TB were 4π/3 and 2π/3, respectively. The corresponding pulse 

width of the drive signal of transistor TC was π/3. The drive 

signal for transistor TC was generated using an XOR of the 

drive signals for TA and TB. Two DC bias levels were applied 

together with the RF signal at the input of the input buffers to 

set the pulse widths of the input signals Vin1,XOR and Vin2,XOR of 

the XOR gate in Figure 7. 

In the output stage, the transistor widths were 50µm (Wn0 = 

Wnc0) and 160µm (Wp0) with a nominal channel length of 

0.1µm. The W/L (µm) ratio of the NMOS and PMOS 

transistors in the last buffer stage of TB was 2.92/0.1 and 

8.76/0.1. The corresponding numbers for the TA and TC 

transistors were 8.76/0.1 and 26.3/0.1, and 4.2/0.1 and 

12.5/0.1, respectively. The ratio of the transistor width in the 

output stage (e.g. Wn0, Wnc0, and Wp0) divided by the sum of 

the transistor widths in the last buffer stage are for the TA, TB, 

and TC transistors approximately equal to 4.6 

(160/(8.76+26.3)), 4.3 (50/(2.92+8.76)), and 3 

(50/(4.2+12.5)). The CC capacitor was implemented as a 30pF 

MOS capacitor.  

By adding a simple off-chip LC filter (Lfilter, Cfilter in Figure 

7) with characteristic impedance of 50Ω a wideband matching 

is attained from DC up to the cut-off frequency of the filter. 

The filter provides filtering of higher order harmonics, and as 

shown in the measurement section, the harmonics are 

suppressed enough to meet the -30dBm requirement when 

operating at 900MHz [22]. The filter is specified in the 

measurement section. 

 
 

Figure 7.   Class-D stage with harmonic suppression, including    
     buffers  and off-chip filter (Lfilter, Cfilter) 
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Figure 8.   Photo of the chip with size 1x1 mm2 
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Figure 9.   a) Ideal drain voltage waveform (black) together with two  
      cases of limited rise and fall times on the output voltage 
     b) Harmonic strength as a function of limited rise and fall  
      time. Maximum of 1st is +6.4 dBm 

 



 

C. Short-Circuit Current Elimination and Output Voltage 

Analysis 

In inverters, the short-circuit power dissipation depends on 

the rise and fall times of the input signal [23]. In Class-D 

inverter-based amplifiers, this power dissipation may become 

important since the driver of an output stage typically is 

designed as an inverter chain with a tapering factor [2]. This 

results in finite rise and fall times on the output stage and will 

have a negative impact on the drain efficiency [2], [3], which 

is also shown in section III. Since transistors TA and TB in the 

proposed stage are never on simultaneously, there is no direct 

path between VDD and ground, and the short-circuit current in 

the output stage is eliminated. This property lowers the buffer 

requirement and makes it possible to use buffer stages with 

reduced drive strength for the output stage. Thus, the ratio of 

the transistor width in the output stage (e.g. Wn0, Wnc0, and 

Wp0) divided by the sum of the transistor widths in the last 

buffer stage can be larger than the tapering factor of the 

buffers (λ = 3), except for the buffer of TC due to the narrow 

pulses being processed. The transistor width ratios for the TA, 

TB, and TC transistors are approximately equal to 4.6, 4.3, and 

3 (see also section II.B). However, the rise and fall time on the 

output voltage will increase, but with only a low impact on the 

fundamental tone while the 5th harmonic is reduced, as 

described below. 

 Figure 9a shows the desired output voltage together with 

different assumptions on the rise and fall times, tr,f. The rise 

and fall time are in this case measured between +/-VDD/2 and 

0 with a linear slope and the corresponding Fourier 

coefficients are found in (2). 
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The power of the harmonics is plotted in Figure 9b, for a 

1.2V supply and a load resistance of 50Ω. The figure shows 

the 5th harmonic dropping about 3dB when the rise and fall 

times are increased to π/6 (8% of the period time). At the same 

time the fundamental tone is hardly affected, it drops only 

0.1dB. If the rise and fall times are further increased to a 

theoretical maximum, i.e. tr,f is π/3, the drop of the 5th 

harmonic is even larger, while the fundamental drops in total 

about 0.4dB. Consequently, the output power is relatively 

insensitive to the rise and fall time on the output voltage. 

While the 5th harmonic is reduced, the 2nd, the 3rd, and the 

4th harmonics are still absent in the output spectrum. Hence 

buffer stages with reduced drive strength can be used for the 

output stage since the short-circuit current is eliminated, with 

small impact on the output power. However, the tapering 

factor of the TC buffer is limited due to the narrow pulses 

being processed. This combined with the need to match the 

delays of the TA, TB, and TC drivers, may force all drivers to 

use smaller tapering factors. This would reduce power-added 

efficiency, especially at higher frequencies.  

In Figure 9 it was assumed that the rise and fall times were 

the same. Figure 10a shows an example, where the fall time is 

ideal and the rise time is varied. The power of the harmonics in 

(3), plotted in Figure 10b, show that even for an ideal fall time 

and long rise time (tr = π/3), the 2nd and 4th harmonics are 

smaller than -27dBc. Similar results are achieved if only the 

rise and fall time of the output voltage for t > 0 are varied 

between π/3 and π/6. The resulting 2nd and 4th harmonics (an 

coefficients) are <-20dBc and the 5th harmonic is between  

-15dBc and -18dBc. The 3rd harmonic is not generated in any 

of the two examples. 
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Figure 10.   a) Non-ideal rise time and ideal fall time   
     b) Harmonic strength as a function of non-ideal rise time 
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Figure 11.   a) Ideal drain voltage waveform (black) together with one  
      case of non-ideal pulse width alignment  
     b) Harmonic strength as a function of non-ideal pulse width 
      alignment. Maximum of 1st is +6.4 dBm 
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Figure 12.   a) Pulse width of the +/-VDD/2 portions 
     b) Harmonic strength as a function of pulse width 
 



 

Another situation is illustrated in Figure 11a, where the 

pulses are assumed to be misaligned from their ideal location 

with a deviation of ∆α radians. The corresponding Fourier 

coefficients are found in (4) and the strength of the harmonics 

is plotted in Figure 11b. The figure shows that deviations from 

the ideal pulse location will increase the 2nd and 4th 

harmonics in the output spectrum. To maintain a harmonic 

level of -30dBc, a fraction of a radian (a few degrees) of 

misalignment is acceptable. 
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The amplifier in Figure 7 requires a sinusoidal input signal. 

By adjusting the DC bias levels, Vbias1 and Vbias2, of the input 

buffers, the pulse width of the input signals to the XOR gate is 

controlled. If the RF signal, VRF, is a square-wave, Vin1,XOR and 

Vin2,XOR will be identical and TC will not be turned on and the 

Class-D stage will operate as a conventional inverter, 

increasing the 3rd harmonic in the output spectrum. Assuming 

the driver signals of TA and TB are not appropriately generated 

(e.g. by erroneous biasing levels of the RF inputs) when 

applying a sinusoidal signal, the pulse widths of the +/-VDD/2 

portions may differ from 2π/3 and results in degraded 3rd 

harmonic suppression. The pulse width of the +/-VDD/2 

portions is denoted ψ as shown in Figure 12a and has the 

corresponding Fourier coefficients as in (5). Figure 12b shows 

the harmonic strength as a function of pulse width. Thus, with 

an inadequate quality of the input signal (deviations from a 

sinusoidal signal) or erroneous biasing of the input buffers, the 

generation of the driver signals for the output stage is affected, 

having an impact on the harmonic suppression at the output.   
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As ψ is 2π/3, the 3rd harmonic is eliminated and the first 

harmonic visible in the output spectrum is the 5th. Increasing 

the pulse width to π (square-wave Class-D), the fundamental 

tone increases about 1.2dB while the 3rd harmonic becomes  

-9.5dBc.  

 Consequently, while finite rise and fall times as well as the 

pulse width time alignment do not degrade the suppression of 

the 3rd harmonic, it is important to ensure that the +/-VDD/2 

portions of the output voltage have the desired pulse widths. 

Also, if the pulses are not correctly positioned in time, the 2nd 

and 4th harmonics will distort the spectrum as shown in Figure 

11b.  

 If the delays in the driver stages are not matched, it may 

happen that both TA and TC, or TB and TC, are on at the same 

time. With non-ideal driver signal alignment, the symmetrical 

operation of the Class-D stage is disturbed and the voltage 

across CC will not be VDD/2. If TA and TC are on at the same 

time as in Figure 13, both CC and VDD will be connected to the 

drain. VDD will then charge both Cd and CC, and increase the 

voltage across CC to a value around 650mV. Similarly, if TB 

and TC are on at the same time as in Figure 14, both CC and 

GND will be connected to the drain. Then CC will to start to 

discharge to GND and the voltage across CC decreases to a 

value around 275mV. In simulations, this effect introduced 

asymmetries in the ideal drain voltage waveform, increasing 

the harmonic contents. Moreover, the output power and the 

DE were reduced by approximately 10%. 

III. SIMULATION COMPARISON BETWEEN THE PROPOSED 

CLASS-D STAGE AND AN INVERTER-BASED CLASS-D STAGE  

A. Comparison between the proposed Class-D stage and 

the inverter-based Class-D stage 

To compare the performance of the proposed Class-D stage 

with harmonic suppression to an inverter-based Class-D stage, 

two simulation models were evaluated at 900MHz. In the 

simulation model of the inverter-based amplifier a single 

buffer with four stages was used for the output stage. The 

tapering factor was set to 3 (as in the proposed Class-D stage), 

and the output stage had the same transistor sizes as TB and 

TA. The simulated performance of both amplifiers is 

summarized in Table I. In the measurement section it is shown 

 
 

Figure 13.    The simulation results due to on-time overlap of TA and TC 

 

 
Figure 14.   The simulation results due to on-time overlap of TB and TC 

 



 

that the simulated performance of the proposed Class-D stage 

corresponds very well to the measured performance.  

The output power of the proposed Class-D stage was 0.9dB 

lower than the output power of the inverter-based stage. This 

could be expected by considering the fundamental tone (n = 1) 

of the Fourier coefficients of a square-wave in (6), and the 

Fourier coefficients of the proposed Class-D stage in (1). 

Theoretically, the output power of the proposed Class-D stage, 

compared to the inverter-based Class-D stage, is 

approximately 1.2dB lower. Thus, there is a trade-off between 

peak output power and suppression of the 3rd harmonic. 
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The 3rd harmonic was approximately -10dBc in the 

simulated output spectrum of the inverter-based stage, as 

expected according to (6). In the output spectrum of the 

proposed Class-D stage the 3rd harmonic was suppressed 

about 30dB compared to an inverter-based Class-D stage. The 

simulated power gain, from the input of the buffers to the 

output, was 25dB for both cases. The DC power to drive the 

buffers was considered as input power. 

The simulations show that the proposed Class-D stage had a 

higher DE and PAE despite lower output power, larger number 

of buffer stages, and larger gate and drain capacitances in the 

output stage due to TC. The simulation results can be explained 

by a number of factors described below. 

As already discussed, the short-circuit power dissipation is 

eliminated in the proposed Class-D stage. In the simulations of 

the inverter-based Class-D stage, two simulations were 

performed to extract the short-circuit power dissipation. In the 

first simulation, non-overlapping driver signals were used for 

the output stage and from the total power dissipation it was 

possible to compute how much power was dissipated in the 

load (considering all harmonics) and the power consumption 

due to charging/discharging of Cd. In the second simulation, 

the inverter-based Class-D was simulated with an overlapping 

driver signal, i.e. a single buffer was used. As the power 

consumption due to Cd is known, the short-circuit power can 

be computed. In simulations, the short-circuit power 

dissipation of the inverter-based stage represented 

approximately 6% of the total power dissipation in the output 

stage, having a negative impact on the drain efficiency.  

Furthermore, an inverter-based Class-D amplifier with a 

square-wave output voltage requires an optimal filter in terms 

of an ideal series resonator in series with the load to achieve 

100% drain efficiency [24]. Considering the harmonic contents 

of an unfiltered inverter-based output stage, the drain 

efficiency drops to 81%, as in (7), as the harmonics will also 

be dissipated in the load. 
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Consequently, since the 3rd harmonic is not generated at the 

output of the proposed Class-D stage and do not consume any 

power, the maximum theoretical drain efficiency is increased 

to 91% (8) without any filtering requirement. In (8), bn are the 

Fourier coefficients in (1) for the output voltage in Figure 3. 
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 When adding transistor TC in the proposed output stage, the 

drain capacitance is increased by approximately 25% 

compared to the inverter-based stage (assuming Wn0 = Wnc0, 

Wp0 = 3 x Wn0). This has a negative impact on the drain 

efficiency, but this effect is mitigated by the stepwise charging 

in the proposed Class-D stage as discussed in section II.A. 

Assuming VC is zero at startup, the supply voltage needs to 

charge the drain capacitance from 0 to VDD. Steady-state, i.e. 

when VC = VDD/2, is reached after 30 cycles. In steady-state, 

i.e. when VC = VDD/2, the supply voltage needs to charge the 

drain capacitance from VDD/2 to VDD. Therefore, the 

theoretical dynamic power dissipation due to Cd can be 

reduced by 50% compared to an inverter-based stage [25]. In 

simulations of the proposed Class-D stage, the power 

dissipation was reduced by approximately 35%. Thus, while an 

increase of the drain cap increases the power consumption, the 

stepwise charging reduces the power consumption in the 

proposed Class-D stage. P1 in (9) represents the power 

consumption due to switching of a drain capacitance, Cd, 

between ground and VDD, at a frequency, f, in the inverter-

based Class-D stage. The corresponding power consumption in 

the proposed Class-D stage is represented by P2 in (10).  
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TABLE I 

SIMULATED PERFORMANCE OF THE PROPOSED CLASS-D AMPLIFIER AND AN 

INVERTER-BASED CLASS-D AMPLIFIER AT 900MHZ AND 1.2V 

 
Pout 

[dBm] 
DE 
[%] 

PAE 
[%] 

Gain 
[dB] 

Inverter-based Class-D 
amplifier 

+6.4 64 57 25 

Proposed Class-D amplifier +5.5 74 59 25 

 

TABLE  II 

SIMULATED IMPACT OF LOAD AND TRANSISTOR SCALING 

k RL [Ω]** Pout [mW, dBm] DE [%] 

1 50 3.5, +5.5 74.03 

10 5 35, +15.5 74.30 

50* 1 175, +22.4 73.95 

* CC was made 10x larger than in the implemented design in order to make 

the output voltage waveform look like the ideal output waveform and to 

maintain the harmonic suppression with similar performance to the 

measurements.  

** Lossless impedance transformation is assumed. Quality factors of lumped 

components will degrade efficiency, but this is an issue in all amplifiers, not 

only the proposed stage. 



 

 Thus, the power consumption in the proposed Class-D stage 

is 19% (1-0.81) lower compared to the power consumption in 

the inverter-based Class-D stage. 

 To achieve higher output power from the proposed Class-D 

stage, the transistors need to be larger to reduce their on-

resistance and RL in Figure 7 must be made smaller. The 

impedance transformation of RL can also be achieved by using 

the LC filter as an L match. Here it is assumed that the 

impedance transformation is lossless.  
 Increasing the transistor sizes by a factor ‘k’, the on-

resistance reduces and Cd increases with the same factor. 

Simultaneously, if the load resistance RL is reduced by a factor 

‘k’, the output power will be higher with a factor ‘k’. Thus, the 

output power increases as much as the power consumption due 

to charging/discharging of Cd does increase, which means that 

the DE is maintained. This was verified in simulations and is 

summarized in Table II, demonstrating that the proposed 

Class-D stage can be used for higher output power without 

degrading efficiency. Similarly, PAE will be maintained as the 

transistors in the buffers are scaled with a factor of ‘k’ 

(assuming the transistor ratios are maintained).  

B. The impact of LC filter 

As the proposed circuit does not cancel the 5th and higher 

order harmonics, there is a need to filter out these harmonics in 

a real application with emission restrictions, here considering 

low-power transceivers operating in the 900MHz band [22]. 

Figure 15 shows the Class-D stage modeled as an ideal voltage 

source, Vsource,n, together with an equivalent series on-

resistance, ron, and drain capacitance, Cd [26], [27]. A transfer 

function from Vsource,n to the output voltage, Vout, can be found 

as in (11). Vsource,n is a voltage source with a fundamental tone 

(n = 1) and a large number of harmonics, whose amplitudes 

are determined by the Fourier coefficients in (1). Therefore, 

ideally, the proposed Class-D stage behaves as an inverter-

based Class-D stage but with three discrete voltage levels; 

VDD, VDD/2 and GND, whose output spectrum lacks the 3rd 

harmonic. 
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It should be noted that, using an inductive load and non-

overlapping drive signals for the TA-TC devices can cause the 

drain voltage to deviate from the ideal drain voltage waveform 

as the inductor acts as a short-term current source when none 

of these devices are turned on and will charge/discharge the 

parasitic at the drain. This can result in increased harmonic 

contents at the drain, but the harmonics can be suppressed by 

the frequency characteristics of the load (here the LC filter), 

which is also demonstrated in section IV and Figure 18. 

By choosing the characteristic impedance, Z0, of the filter 

equal to the load resistance, RL, as in (12), a wideband match 

is achieved from DC to the cut-off frequency, ωc, of the filter. 
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Since many low-power medical applications transmit in the 

400 and 900MHz bands, two suitable filters are simulated with 

cut-off frequencies at 500 (dashed) and 1000 (solid) MHz with 

the characteristics as in Figure 16. The power of the 

fundamental tone in simulations without filter was 3.5mW 

(+5.5dBm), and since the 5th harmonic will be -14dBc, it is 

necessary to suppress the 5th harmonic by 22dB (6-14-22 =  

-30dBm) to comply with the emission requirements for low-

power transceivers operating in the 900MHz band [22]. 

Considering the two filter characteristics of the two simple LC 

filter one can see that the suppression at 2GHz (5 x 0.4GHz) 

and 4.5GHz (5 x 0.9GHz) is about 24 and 26dB. Thus, when 

operating at 900MHz, the 5th harmonic will be suppressed to  

-34dBm (6-14-26 = -34dBm or -40dBc), which is acceptable 

according to the requirements in [22] and proves that simple 

LC filters can provide sufficient suppression in Class-D PAs as 

long as the 3rd harmonic is eliminated. This is also verified in 

the measurement section. 

IV. MEASUREMENT RESULTS 

A. Measurements of the Proposed Class-D Stage with 

Harmonic Suppression 

Figure 8 showed the chip photo of the proposed Class-D 

stage manufactured in a 90nm CMOS technology. The area of 

 
Figure 15.   Model of Class-D stage with the LC-filter (CDC = ∞∞∞∞) 

 

 
 
Figure 16.   Ideal filter characteristic: 
     fc = 0.5GHz: Lfilter = 16nH, Cfilter = 6.4pF (dashed line) 
     fc = 1GHz: Lfilter = 8nH, Cfilter = 3.2pF (solid line) 
     for: ron = 6.6Ω, Cd = 0.2pF 

 



 

a single Class-D stage was 0.012mm
2
 and includes the area of 

the transistors and the CC capacitor. The chip was directly 

bonded onto a FR4 PCB and connected with bond-wires. In 

the measurements including the LC filter in Figure 7, two 

lumped components were used (Lfilter = 5.6nH, Cfilter = 2.7pF). 

The filter had a cut-off frequency of ~1GHz, when taking into 

account the impact of the PCB traces. 

Figure 17a and Figure 17b show the transient voltage 

measurements without filter at 400MHz and 900MHz, 

respectively, demonstrating the operation of the Class-D stage. 

The DC level is 0 due to the DC blocking capacitor in series 

with the 50Ω load. No adjustments of the DC bias levels, 

Vbias1 and Vbias2, were made at 400MHz and 900MHz. 

Operating at 900MHz without filter, the output power was 

+5.1dBm with a DE and PAE of 73% and 59%, respectively. 

The power gain was 24dB from the buffers of the output stage 

to the output. The DC power to drive the buffers was 

considered as input power. The Class-D stage had a 3dB 

bandwidth of 2.5GHz (0-2.5GHz). 

The harmonic contents of the proposed Class-D stage was 

evaluated using an FSK modulated signal (fdeviation = 50kHz, 

50kbit/s) at 900MHz [28]. Figure 18 shows the peak-hold 

spectral measurement up to 5GHz for a resolution bandwidth 

(RBW) of 1MHz. Measurements with and without filter are 

plotted together, where the harmonics are marked with circles. 

Without filtering, the 2nd to 4th harmonics were measured to 

be smaller than -37dBc and below -30dBm [22]. The 3rd 

harmonic was -38dBm (-43dBc). The 5th harmonic was  

-13dBm (-18dBc), which corresponds well to the theoretical 

analysis with a suppression of a few dB of the 5th harmonic as 

the rise and fall times are increased as in Figure 17b. Thus, the 

3rd and 5th harmonics were suppressed by 34dB and 4dB, 

respectively, compared to an inverter-based Class-D stage. 

Operating at 900MHz with filter, the output power was 

+5.3dBm with a DE and PAE of 62% and 52%, respectively. 

The filter suppressed all harmonics to levels below -40dBm 

except for the 5th harmonic, which had a strength of -36dBm 

(-41dBc) and corresponds well to the theoretical analysis in 

 
             (a) 400MHz 

 
            (b) 900MHz 

 

Figure 17.   Measured transient voltage of the proposed Class-D stage  

     at (a) 400MHz and (b) 900MHz. The voltage is normalized 

     and plotted in black, and a sinusoidal signal (sin) is plotted 

     in  gray for comparison  

 
 
Figure 18.   Measured modulated peak-hold spectrum with filter   

     (black) and without filter (gray) of the proposed  

     Class-D stage operating at 900MHz 

 
Figure 19.   Principle of the harmonic rejection technique in [18], [19] 

 

TABLE III 

MEASURED RF PERFORMANCE OF THE CLASS-D STAGE WITH  

HARMONIC SUPPRESSION AT 900MHZ AND 1.2V 

 Parameter Value 

Without 

filter 

Output power [dBm] +5.1 

 2nd, 3rd, 4th, 5th harmonic [dBm] -32, -38, -33, -13 

 DE, PAE [%] 73, 59 

 Gain [dB] 24 

With 

filter 

Output power [dBm] +5.3 

 2nd, 3rd, 4th, 5th harmonic [dBm] -41, -40, -51, -36 

 DE, PAE [%] 62, 52 

 Gain [dB] 24 

 

TABLE IV 

COMPARISON WITH OTHER WORK 

 

Parameter Ref. [18], [19] This work 

f [MHz] 350 400, 900 

First non-cancelled harmonic in 

the output spectrum 

17 5 

2nd harmonic [dBc] -48 -37, -37 

Pout [dBm] +9 +4.7, +5.1 

DE [%] 11 69, 73 

Area [mm2] 0.14 0.012 

Process [nm] 130 90 

Ratio of input carrier and output 

carrier frequency 

9 1 

 

 



 

Section III.B. In measurements with and without filter, the 3rd 

harmonic was suppressed more than 30dB compared to an 

inverter-based Class-D stage which means a power level below 

-34.4dBm (<-34.4dBm = +5.1dBm –9.5dB –30dB). The 

measured performance is summarized in Table III. 

Operating at 400MHz without filter, the output power was 

+4.7dBm with a DE and PAE of 69% and 62%, respectively. 

The 2nd to 5th harmonics were measured to be -37dBc,  

-42dBc, -37dBc, and -14dBc, respectively. 

B. Comparison with Other Work 

In [18], [19], a polyphase multipath technique was 

presented, which provided harmonic rejection up to the 17th 

harmonic by using digital circuits and switched transconductor 

mixers in the output stage. Figure 19 shows the principle of the 

harmonic rejection technique presented in [18] and [19]. The 

input signal, x(t) operating at the frequency ω, is injected into 

N equal nonlinear circuits. Before and after each nonlinear 

circuit an equal but opposite phase is applied as in (13), and by 

connecting all circuit outputs the unwanted harmonics are 

cancelled at the output, y(t). The harmonics not cancelled are 

the ones in (14). With the large number of devices in the 

output stage, the DE is limited to 11%. 

 

( ) NjNjj ,...,3,2,1,1360 =−=ϕ  (13) 

( ) ...3,2,1,0,1 =+ PPN ω  (14) 

 

In [18], [19], a 9x higher input carrier frequency, compared 

to the output carrier frequency, is needed. In the proposed 

Class-D stage, only the carrier frequency is required, which 

reduces the complexity and the power consumption. The 

harmonics suppression was better in [18], [19], but the DE 

becomes about seven times higher in the proposed Class-D 

stage. The comparison is summarized in Table IV. 

V. CONCLUSIONS 

 This paper has presented the design and analysis of low-

power Class-D stage featuring a harmonic suppression 

technique, which cancels the 3rd harmonic. The technique 

creates a voltage level of VDD/2 from a single supply voltage to 

shape the drain voltage. Only digital circuits are used and the 

short-circuit current present in Class-D inverter-based output 

stages is eliminated, relaxing the buffer requirements. Using 

buffers with reduced drive strength for the output stage 

reduces the 5th harmonic at the output, as the rise and fall time 

of the output voltage increase. Operating at 900MHz, the 

measured output power is +5.1dBm with a Drain Efficiency 

(DE) and Power-Added Efficiency (PAE) of 73% and 59% at 

1.2V supply. The 3rd and 5th harmonics were suppressed by 

34dB and 4dB, respectively, compared to an inverter-based 

Class-D stage.  
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Abstract—This paper presents a direct model structure for de-
scribing class-D outphasing amplifiers and a method for digitally
predistorting these amplifiers. The direct model structure is based
on modeling differences in gain and delay, nonlinear interactions
between the two paths and differences in the amplifier behavior.
The digital predistortion method is designed to operate only on
the input signals’ phases, to correct for both amplitude and
phase mismatches. This eliminates the need for additional voltage
supplies to compensate for gain mismatch.

Model and predistortion performance are evaluated on a
32 dBm peak output power, class-D outphasing amplifier in
CMOS with on-chip transformers. The excitation signal is a 5
MHz wide downlink WCDMA signal with peak-to-average power
ratio (PAPR) of 9.5 dB. Using the proposed digital predistorter
the 5 MHz adjacent channel leakage power ratio (ACLR) was
improved by 13.5 dB, from -32.1 dBc to -45.6 dBc. The 10 MHz
ACLR was improved by 6.4 dB, from -44.3 dBc to -50.7 dBc,
making the amplifier pass the ACLR requirements.

Index Terms—Power amplifiers, behavioral modeling, digital
predistortion, outphasing amplifier, LINC

I. I NTRODUCTION

EFFICIENT and linear amplification of amplitude modu-
lated high frequency signals still poses a major problem

in modern wireless transmitters. An amplifier structure that
aims at increasing the efficiency while maintaining the linear-
ity is the outphasing amplifier [1], [2].

The outphasing amplifier is based on separately amplifying
two purely phase modulated signals using efficient amplifiers,
such as switching amplifiers, and then combining these two
signals to restore the original amplitude and phase modulated
signal.

In practice, outphasing amplifiers experience mismatch in
gain and phase [3], different behavior in the two amplifiers
[3], finite bandwidth [4] and interactions between the branches
[5]. Analysis of these sources generating nonlinear distortions
have been done in [3]–[9].
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Ericsson Research, Kista, Sweden, a postdoctoral fellowship of the Research
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Corrections for these sources of nonlinear distortions have
been proposed earlier by adjusting the amplitudes and/or
phases of the input signals [6]–[13]. In the case of phase-only
predistortion the predistorters did consider Chireix combiners
[6], but without amplitude mismatch.

In this paper, the focus is on analyzing and correcting the
undesired behavior of outphasing amplifiers using baseband
processing techniques. This is done to make the outphasing
amplifier pass regulatory requirements on linearity measures,
such as adjacent channel leakage power ratio (ACLR).

In a first step, a new black-box behavioral model describ-
ing the relationship between the input and output signals is
derived. The proposed model includes all the previously men-
tioned sources of nonlinear behavior except for the bandwidth
limitation in [4]. However, the model can be extended to
include this behavior as well. A black-box model using a
similar basic idea was proposed in [14], but it operated on the
phase of the outphasing signals, and was evaluated on a low
power amplifier for user equipment signals with lower peak-to-
average-power ratio (PAPR), ~3 dB. In this paper, the model
is based on the amplitude, and it also takes timing distortions
into account. The results are evaluated for more demanding
base-station signals with PAPR ~10 dB and more stringent
ACLR requirements.

Once the direct model is identified, the predistorter parame-
ters are searched for by putting the predistorter in front of the
model and performing a search for the predistorter parameters.
Using a direct model to numerically identify the predistorter
is not a novel idea, but to the authors’ best knowledge, it has
not been used for the direct model or the predistorter model
as proposed in this paper.

The performance of the proposed predistorter is experi-
mentally evaluated on a 32 dBm peak output power CMOS
class-D outphasing PA [15]. This peak power is the highest
reported for all class-D RF PAs [15]. Class-D amplifiers neces-
sitates the use of phase-only predistortion to compensate both
amplitude and phase mismatches, unlike previously proposed
predistorters. The earlier proposed predistorters change the
input signal amplitude when linear amplifiers are used [7],
[10], [11], or include adjustments of the voltage through the
use of multiple voltage supplies in the output stage [12], [13]
to compensate for the gain mismatch. Using the proposed
method, only a single voltage supply is necessary.

Due to the nonlinear nature of the models, the extraction
of the model and the predistortion parameters becomes a non-
linear problem. Methods for deriving parameter values used
to initiate the search for both direct model and predistorter
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parameters are proposed.
In short, the contributions of the paper are:i) the derivation

of a black-box model for outphasing amplifier behavior,ii) a
phase-only predistortion method that compensates both ampli-
tude and phase mismatches, andiii) proposing initial values
for starting the parameter search.

The paper starts by introducing the concept of the outphas-
ing amplifier in Section II in order to motivate the choices of
direct model and predistorter structures. A behavioral model
for outphasing amplifier structures is given in Section III. A
digital predistortion model is proposed in Section IV. Meth-
ods for estimating the initial parameters of both behavioral
model and digital predistorter are given in Section V. The
measurement setup and outphasing amplifier used to obtain
data for modeling and predistortion are described in Section
VI. Results from the modeling and predistortion are presented
in Section VII.

II. T HE OUTPHASING AMPLIFIER

The signals considered here are sampled complex valued
baseband signals

s(tn) = A(tn)e
jφ(tn) (1)

with A(tn) being the amplitude modulation andφ(tn) the
phase modulation.tn = n

Ts

is the sampling instant for sample
n using a sampling rate of1

Ts

.
The baseband signals(t) can be decomposed as the sum of

two amplitude envelope constant signals by writing [16]

s1(t) = s(t) + e(t) (2)

and

s2(t) = s(t)− e(t) (3)

where clearly s(t) = s1(t) + s2(t). The signal e(t) is
constructed as

e(t) = js(t)

√
A2

max

A2(t)
− 1 (4)

with Amax denoting the maximum value of the amplitude
A(t). It should be noted that the signale(t) has wider
bandwidth than the original signals(t) and extends into the
adjacent channels. The transformation froms(t) to s1(t) and
s2(t) is the function of the signal component separator (SCS)
in Fig. 1.

The operation of the outphasing amplifier is illustrated in
Fig. 1. The outphasing amplifier is considered to consist of
the two amplifiers A1 and A2 and the combiner. In Fig. 1 the
outphasing amplifier and the SCS are illustrated in baseband
form. The baseband signals are modulated onto a carrier and
input to the outphasing amplifier. The output signal is then
measured and transformed back to low-pass equivalent form.
However, as the direct model and predistorter operate on
baseband signals that perspective is kept throughout this paper.

Fig. 1. Illustration of the outphasing amplification concept. The dotted box
represents parts that are considered to belong to the outphasing amplifier: the
two amplifiers A1 and A2 and the combiner. The signal component separator
(SCS) applies the transformation of the expressions in (2) and (3) tos(t),
creating the envelope envelope amplitude constant signalss1(t) and s2(t).
These signals are amplified by the (non)linear amplifiers A1 and A2, and
finally combined into the output signaly(t).

III. B EHAVIORAL MODEL

In outphasing amplifiers, nonlinear distortions are caused
by different delays, gains, nonlinear behavior of the two
amplifiers, A1 and A2 [3], nonlinear interactions between
between the two paths [5], memory effects due to heating
[10], and bandwidth limitations in the signal generation and/or
amplifier matching networks [4]. No low-frequency memory
effects from heating, or high-frequency memory effects due to
frequency dependence of the amplifier are considered in this
work.

The structure of the amplifier should be reflected in the
model. Thus, the output is modeled as a sum of two different
functions,y1(s(tn); θ1) andy2(s(tn); θ2)

ymod(tn; θ) = y1(s(tn); θ1) + y2(s(tn); θ2) (5)

with θ = [θT1 θT2 ]
T being the model parameters.

The functionsy1(s(tn); θ1) andy2(s(tn); θ2) are chosen as
complex exponential functions with separate gain functions
g1[s(tn); η1] andg2[s(tn); η2]. These gain functions are intro-
duced with reference to the nonlinear interactions between the
amplifiers [5]. Hence, the model is formulated as

ymod(tn; θ) =g1[s(tn; η1)]e
jp1(s(tn);λ1)s1(tn)+

g2[s(tn); η2]e
jp2(s(tn);λ2)s2(tn) (6)

η1 andη2 are the parameters of the gain functionsg1 respec-
tively g2 while λ1 and λ2 are the parameters for the phase
distortion functions of path1 respectively2.

In the present work, the amplifiers A1 and A2 are class-D
amplifiers, which means that they ideally operate as switches.
The output of a class-D stage can be considered an ideal
voltage source whose output voltage is independent of the load
[17]. Thus, the gain functions,g1 andg2, can be approximated
by two constant factors.

Since no sufficiently accurate trigger is available, the sam-
pled output signal can not be used directly for modeling pur-
poses. Initial estimates are provided using a cross-correlation
method followed by a phase interpolation, see Section VI for
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details. This corresponds to having one time offset between
the two input signals and the output signal.

However, there is also the possibility of having different de-
lays in the two amplifier paths [3], meaning that an additional
relative delay between the paths should be included. Together
this makes the use of two separate delay terms necessary: one
to describe the difference in runtime between the paths and
one to describe the total offset between the input signals and
the output signal. This can be written as

y(tn) = y1[s(tn −∆1)] + y2[s(tn −∆2)] (7)

with ∆1,∆2 being the time offsets.y1[s(tn)] and y2[s(tn)]
are the low-pass equivalent output signals of the amplifiers
A1 respectively A2. For theoretical applications one offset
can be removed as the input-output synchronization is a
measurement related problem. Nevertheless, both terms should
be considered in a practical implementation, unless there is a
guarantee that no mismatch in delay exists.

Putting all of the above together gives the modeled output
signal

ymod(tn; θ) = (8)

g1[s(tn −∆2; η1)]e
jp1(s(tn−∆2);λ1) s1(tn −∆1)+

g2[s(tn −∆1); η2]e
jp2(s(tn−∆1);λ2) s2(tn −∆2)

with θ = [ηT1 ηT2 ∆1 ∆2]
T as the model parameter vector.

IV. D IGITAL PREDISTORTION

Ideally, the outphasing amplifier should take an input signal
and deliver a linearly amplified version at the output of the
PA. The distortions that arise due to the nondesired behavior
can make the outphasing amplifier fail regulatory requirements
on such measures as spectral mask limits and ACLR [18]. To
solve this problem a correction method is needed. In this paper
the chosen method is digital baseband predistortion.

Due to the use of class-D amplifiers the input amplitudes
must be kept constant, i.e. no predistorter functions changing
the amplitudes of the input signals are allowed. The different
gain factors limit the achievable dynamic range [8]. However,
within this dynamic range the outphasing amplifier can reach
all amplitudes by changing the phases of the two input
outphasing signals. By changing only the phases, the need
for additional voltage supplies, when eliminating the gain
mismatch via the supplies, is avoided [12], [13].

Using phase-only predistortion functions leaves one natural
choice, complex exponential functions as

s1, DPD(s(tn); θ, γ1) = ejr1, DPD(s(tn); θ, γ1) (9)

for path1 and

s2, DPD(s(tn); θ, γ2) = ejr2, DPD(s(tn); θ, γ2) (10)

for path2. γ1 andγ2 are the predistorter parameters for path
1 respectively for path2, and r1, DPD, r2, DPD are the phase-
predistortion functions.θ are the direct model parameters as
in (8).

By using the predistorted signalss1, DPD(tn) ands2, DPD(tn)
as input signals instead ofs1(tn) and s2(tn), the idea is

to make the predistorted outphasing amplifier behave as a
linear amplifier. Finding the parametersγ1 and γ2 of the
predistorter is done by using the direct model to model the
predistorted output signal. An error criterion based on the
difference between the input signal and a scaled version of
the output signal is used to reach the goal of a linearly
behaving outphasing amplifier. The search for the predistorter
parameters is explained in detail in Section V.

A phase-only predistortion model for Chireix combiners
was proposed in [6], but did not consider amplitude mismatch
or other combiner architectures. The predistorter proposed in
this paper is applicable to all combiner architectures, and
additionally handles differences in gain, path delay and nonlin-
ear characteristics. However, this flexibility comes at the cost
of a computationally more expensive parameter identification
method.

If both output signalsy1(t) and y2(t) were available one
could view the system as a 2-input, 2-output system with cross-
terms describing the influence of one amplifier on the other.
However, that is not the case as we only have access to the
sum of these signals in the form ofy(t). Thus, the predistorter
must be found using only the measured output signaly(tn).

V. PARAMETER ESTIMATION

This section introduces the numerical goals of the direct
model and the predistorter in terms of error criteria that are to
be minimized. The search for the parameters starts with the
parameters of the direct model as these are needed to find the
parameters of the predistorter.

A. Direct Model

The direct model should describe the relationship between
the input and output signals as good as possible. This require-
ment is translated as an error measure that is to be minimized.
The sum-square error given by

VN (θ) =

N−1∑

n=0

|ǫ(tn)|
2 =

N−1∑

n=0

|y(tn)− ymod(tn; θ)|
2 (11)

is used. Here,ǫ(tn) is the difference between the modeled
outputymod(tn; θ) and the measured outputy(tn).

The task is now to find the parametersθ that minimizes
(11). This is a nontrivial task as the model is nonlinear in
at least some of the parameters: the delays∆1, ∆2 and the
parametersλ1, λ2 of the phase polynomials. Depending on
which functions are used forg1(s; η1) and g2(s; η2), the
problem can be linear or nonlinear in these parameters.

Initial estimates for the parameters in the gain functions
g1(s(tn); η1) andg2(s(tn); η2) are obtained by assuming that
the phase distortion is 0 in a first step. That is, findη =
[ηT1 ηT2 ]

T such that

VN (η) =

N−1∑

n=0

|y(tn)− ymod(tn; η)|
2

=

N−1∑

n=0

|y(tn)− (g1(s(tn); η1)s1(tn) (12)

+g2(s(tn); η2)s2(tn))|
2
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is minimized. If g1(s(tn); η1) and g2(s(tn); η2) are linear in
the parameters this problem is also linear in the parameters.

Given the estimates above, one can form estimates of the
filtered output signalsy1(s(tn)) from A1 andy2(s(tn)) from
A2. Recall that the output signaly(tn) is the sum ofy1(s(tn))
andy2(s(tn)) as

y(tn) = y1(s(tn)) + y2(s(tn)) = (13)

s1(tn) g1(s(tn); η1) + s2(tn) g2(s(tn); η2) + ǫ(tn)

with ǫ(tn) being the model error. Approximate the signals
y1(s(tn)) andy2(s(tn)) with

ŷ1(s(tn)) = s1(tn) g1(s(tn); η1) (14)

respectively

ŷ2(s(tn)) = s2(tn) g2(s(tn); η2) (15)

Use the above to compute estimates ofŷ1(s(tn)) as

ŷ1(tn) =
y(tn)− g2( s(tn); η2) s2(tn)

g1(s(tn); η1)
(16)

and of ŷ2(s(tn)) as

ŷ2(tn) =
y(tn)− g1( s(tn); η1) s1(tn)

g2(s(tn); η2)
(17)

The interest now is in the phase difference betweenŷ1(tn)
and s1(tn). This difference is approximated by the function
p1(s(tn);λ1) by minimizing

N−1∑

n=0

|[ 6 ŷ1(tn)− 6 s1(tn)]− p1(s(tn);λ1)|
2 (18)

with respect toλ1.
If the function p1(s(tn);λ1) is linear in the parameters,

minimizing (18) is a linear least-squares problem. The initial
parameter estimates forλ2 can be obtained in a similar way
as forλ1.

Initial estimates for the time offsets∆1 and ∆2 can in
this case be set to0, because the output signaly(tn) is
synchronized to the input signals(tn) using a phase interpo-
lation synchronization method. It is assumed that the amplifier
and measurement setup are sufficiently well-designed to have
negligible difference in delay between the paths. Thus, initial
estimates for all parameters have been established. Finding the
model parameters can now be done using a nonlinear search
method [19].

B. Digital Predistortion

For the predistortion, the problem is similar to estimating the
parameters of the direct model. However, a major difference is
that the predistorted signal is passed through the direct model.
This makes the parameter estimation a nonlinear problem.
The reason this is done is because one no longer wants to
have an output signal from the model that is similar to the
measured output signal, but rather to make it similar to a
linearly amplified version of the original input signal.

Finding the parameters of the predistorter is done in a
fashion similar to finding the parameters of the direct model.
As cost function, the sum-square error

CN (γ) =
N−1∑

n=0

|ǫDPD(tn; γ)|
2 (19)

=
N−1∑

n=0

|s(tn)− ymod,DPD(sDPD(tn); γ)|
2

is used.ǫDPD(tn; γ) is the predistorted error signal, i.e. the
difference between a linearly amplified version of the original
signal and the actual output signal.ymod,DPD(sDPD(tn; γ)) is the
modeled output signal from the amplifier when the predistorted
input signal sDPD(tn; γ) is used. γ = [γT

1 γT
2 ]

T are the
parameters in the digital predistortion algorithm.

From earlier we know that no adjustments to the amplitude
of the input signals are allowed due to the class-D operation of
the amplifiers. Thus, parameters requiring an initial estimate
are the parameters in the phase-polynomials (9) and (10).

The idea is now to establish approximate inverses of the
phase-distortion in A1 and A2. For this purpose it is assumed
that the inverse phase-distortion in each amplifier (A1 and A2)
can be approximated by a polynomial in|s(tn)|. In line with
theP :th order inverse of Volterra theory [20], a polynomial is
a possible choice for inverting function of another polynomial.

Now we have transformed the problem into one that consists
of finding the approximate inverse of a polynomial using
another polynomial. We want to use the derived model as a
predistorter, i.e. operating on the input signal to the outphasing
amplifier, the inverse we are seeking is a pre-inverse.

Due to a theorem by Schetzen [20], we know that the
pre-inverse of a Volterra system is equal to the post-inverse
up to a given orderP . This is the principle used in the
indirect learning architecture (ILA) commonly used in digital
predistortion of RF power amplifiers [21].

Using the above similarity of post- and pre-inverses we say
that a first estimate of the pre-inverse of the phase-distortion,
is given by the post-inverse of the phase-distortion in each
branch. This is a problem that is linear in the parameters, if the
functionsr1(s; γ1) andr2(s; γ2) are linear in the parameters.

Hence, for path1 the initial parameters of the phase-
predistortionr1(s; γ1) are found by solving

γ̂1 = argmin
γ1

N−1∑

n=0

|r1(p1(s(tn); λ1); γ1)− 6 s1(tn)|
2 (20)

where 6 s1(tn) denotes the angle ofs1(tn). This is a
parameter-linear problem ifr1(s(tn); γ1) is parameter-linear
in γ1.

The same approach is used for estimating initial values for
the predistortion parameters for path2. All parameters do now
have initial estimates meaning that (19) can be minimized
using an optimization method, as for the minimization of the
direct model error in (11).

However, the lowest amplitudes cannot be fully corrected
due to the gain imbalance. For giving an initial estimate to
start the parameter search, the lowest amplitudes in (20) are
ignored. Note that the final results take this amplitude range
into account by the use of the search method.
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Fig. 2. Principle of the measurement setup containing a signal generator
with phase coherent outputs and a vector signal analyzer. All instruments are
connected to a PC running MATLAB for instrument control, modeling, digital
predistortion and signal component separation. The baseband signalss1(tn)
and s2(tn) are transferred to the vector signal generators, modulated onto a
carrier and input to the respective amplifier. The amplified signals are output
from the amplifiers and added to create the signaly(t) which is sampled and
processed by the vector signal analyzer.

VI. M EASUREMENTSETUP

The measurement equipment for testing outphasing ampli-
fiers is similar to that used for behavioral modeling and digital
predistortion of other amplifier types. This means a vector
signal analyzer is required for the measurements and a vector
signal generator is needed for the signal generation.

The measurement equipment used is a R&S FSQ26 vec-
tor signal analyzer and two R&S SMBV100A vector signal
generators with the phase coherent RF output option. This
equipment is controlled by a PC running MATLAB. Signal
component separation, i.e. the operation of the SCS in Fig. 1,
is done in MATLAB. The baseband outphasing signalss1(tn)
and s2(tn), with sampling rates of92 MHz, are uploaded to
the signal generators and modulated onto a carrier. The setup
is shown in Fig. 2.

Synchronization of the input signals(t) and the measured
output signaly(t) must be done prior to any modeling as
the measurement system is asynchronous. A coarse synchro-
nization is given by a cross-correlation between the input and
output signals. A phase interpolation [22] is then applied to
achieve sub-sample synchronization. The noise in the mea-
sured output signal is reduced using coherent averaging [22].
The output signal is averaged five times.

The outphasing PA is based on eight class-D amplifier
stages, whose outputs are combined by utilizing four on-chip
transformers, see Fig. 3. The peak output power is 32 dBm,
which is the highest reported of all class-D RF PAs [15]. The
measured output power over outphasing angle at 1.85 GHz is
shown in Fig. 4. The dynamic range of the amplifier is 40
dB at 1.85 GHz. To avoid excessive heating of the device, the
operating power is backed off to 20 dBm, i.e. peaks at 29.5
dBm.

The excitation signals that were used are two downlink 5
MHz 16-QAM WCDMA signals with PAPR of 9.5 dB. One
signal is used to identify the model and predistorter parameters
while the other is used to validate model and predistorter
performance.

Fig. 3. Principle of the used class-D outphasing amplifier.
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Fig. 4. Measured output power as function of the outphasing angle.
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Fig. 5. Model performance as NMSE and ACEPR are shown as functions of
the order of the phase polynomial when the gain functions are kept constant.

VII. R ESULTS

All results presented here are for the validation data set, i.e.
the data set that was not used to extract the model parameters.

The direct model performance is measured using the nor-
malized mean square error (NMSE) and the adjacent channel
error power ratio (ACEPR). The NMSE is given by

NMSE=

∫
BW E(f)df∫
BW Y (f)df

(21)

with Y (f) being the estimated power spectra of the signal
y(tn), ande(tn) = ymod(tn; θ) − y(tn) the model error. The
integrations are made over the available bandwidth BW. The
ACEPR is given by [22]

ACEPR=

∫
adj. ch.E(f)df
∫

ch.Y (f)df
(22)

with Y (f) andE(f) as for the NMSE. The integration in the
numerator is done over the channel containing the input signal.
For the denominator the integration is done over the adjacent
channel (upper or lower) containing the largest model error
power [22]. For the predistortion, ACLR is used as a measure
of predistortion performance.
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TABLE I
MEASUREDACLR FOR WCDMA WITH RESPECT TO3GPP

REQUIREMENTS

ACLR (dBc)
-10 MHz -5 MHz 5 MHz 10 MHz

Without DPD -48.0 -32.5 -32.1 -44.3
With DPD -53.4 -47.4 -45.6 -50.7

3GPP limit [18] -50 -45 -45 -50

−10 −5 0 5 10

−55

−50

−45

−40

−35

−30

−25

−20

−15

−10

−5

0

Frequency Rel. to Carrier [MHz]

N
or

m
al

iz
ed

 P
S

D
 [d

B
/H

z]

With DPD

Without
  DPD  

Fig. 6. The power spectra of the original output signal and the predistorted
WCDMA signal.

The model performance as NMSE and ACEPR are com-
puted for orders of the phase polynomial going from1 to
10. The gain functionsg1 and g2 are kept constant, thus
considering the class-D amplifiers to operate at constant am-
plitude. The obtained model performance is shown in Fig.
5 as functions of the phase polynomial order. At a model
order of 5 no gains in model performance is achieved by
further increasing the polynomial order. A model with this
performance should have sufficient performance to be used
for extracting the predistorter. Note that for simplicity we have
restricted the modeling to only consider the same polynomial
order for both paths1 and2.

The performance of the predistorter using a direct model
of order 1 for η1, η2, and 5 for λ1, λ2 and a predistorter
of order 5 for γ1, γ2 is shown in Fig. 6. Measured ACLR
values are given in Table I. The predistortion improves the
5 MHz ACLR by approximately 13.5 dB, from -32.1 dBc to
-45.6 dBc, and the 10 MHz ACLR by 6.4 dB, from -44.3 dBc
to -50.7 dBc. Thus, the predistorter makes the PA fulfill the
ACLR requirements according to 3GPP [18]. The error vector
magnitude (EVM) is also improved from approximately 5%
to approximately 1.5%.

VIII. C ONCLUSIONS

A novel nonlinear black-box model structure for modeling
outphasing amplifiers has been introduced. It allows for flexi-
ble modeling of outphasing amplifiers by considering time and
gain mismatches, different nonlinear behavior in the amplifiers
and nonlinear interaction between the amplifiers through the
use of arbitrary amplitude and phase distortion functions.

A phase-only predistortion algorithm based on the direct
model was also proposed. This predistorter successfully lin-
earized a 32 dBm peak power CMOS class-D outphasing PA
to fulfill the linearity requirements according to the 3GPP
standards when using a 5 MHz WCDMA signal with 9.5 dB
PAPR. The performance improvements were as follows: the 5
MHz ACLR decreased by 13.5 dB, from -32.1 dBc to -45.6
and the 10 MHz ACLR decreased by 6.4 dB, from -44.3 dBc
to -50.7 dBc.
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Least-Squares Phase Predistortion of a +30dBm
Class-D Outphasing RF PA in 65nm CMOS

Ylva Jung, Jonas Fritzin, Student Member, IEEE, Martin Enqvist, Member, IEEE,
and Atila Alvandpour, Senior Member, IEEE

Abstract—This paper presents a model-based phase-only pre-
distortion method suitable for outphasing radio frequency (RF)
power amplifiers (PA). The predistortion method is based on
a model of the amplifier with a constant gain factor and phase
rotation for each outphasing signal, and a predistorter with phase
rotation only. Exploring the structure of the outphasing PA, the
problem can be reformulated from a nonconvex problem into
a convex least-squares problem, and the predistorter can be
calculated analytically. The method has been evaluted for 5 MHz
Wideband Code-Division Multiple Access (WCDMA) and Long
Term Evolution (LTE) uplink signals with Peak-to-Average Power
Ratio (PAPR) of 3.5 dB and 6.2 dB, respectively, applied to a
fully integrated Class-D outphasing RF PA in 65nm CMOS. At
1.95 GHz for a 5.5 V supply voltage, the measured output power
of the PA was +29.7 dBm with a power-added efficiency (PAE)
of 26.6 %. For the WCDMA signal with +26.0 dBm of channel
power, the measured Adjacent Channel Leakage Ratio (ACLR)
at 5 MHz and 10 MHz offsets were -46.3 dBc and -55.6 dBc
with predistortion, compared to -35.5 dBc and -48.1 dBc without
predistortion. For the LTE signal with +23.3 dBm of channel
power, the measured ACLR at 5 MHz offset was -43.5 dBc with
predistortion, compared to -34.1 dBc without predistortion.

Index Terms—Outphasing, amplifier, linearization, predistor-
tion, complementary metal-oxide-semiconductor (CMOS).

I. INTRODUCTION

POWER amplifiers (PA) for modern wireless communica-
tions standards typically employ non-constant amplitude

modulation schemes to use the limited frequency spectrum
more efficiently and larger bandwidths to meet the demand
for higher data rates. However, to meet the spectral and
modulation requirements, highly linear PAs are required.

With the improved speed of CMOS transistors, highly
efficient switched PAs, like Class-E and Class-D, have gained
increased interest in polar modulation, shown for Enhanced
Data rates for GSM Evolution (EDGE) [1], and outphasing [2],
[3]. In the outphasing PA, an input signal, s(t), containing
both amplitude and phase modulation, is divided into two
constant-envelope phase-modulated signals, s1(t) and s2(t), as
in Fig. 1(a). Fig. 1(b) shows how the two signals are separately
amplified by efficient switched amplifiers, A1 and A2, and
connected to a power combiner whose output, y(t), is an am-
plified replica of the input signal. The two constant amplitude

This work has been supported by the Excellence Center at Linköping-Lund
in Information Technology (ELLIIT), the Swedish Research Council (VR),
and Ericsson Research, Kista, Sweden.

Y. Jung, J. Fritzin, M. Enqvist, and A. Alvandpour are with the Depart-
ment of Electrical Engineering, Linköping University, SE-581 83 Linköping,
Sweden, phone: +46(0)13-284474, e-mail: ylvju@isy.liu.se, fritzin@isy.liu.se,
maren@isy.liu.se, atila@isy.liu.se.

outputs can be combined using an isolating combiner, like
Wilkinson [4], or a non-isolating combiner, like Chireix [5] or
transformers [6]. While an isolating combiner can have good
linearity as the apparent load impedance for each amplifier is
fixed [4], [7], the efficiency is reduced at back-off. With a non-
isolating combiner, the apparent load impedance depends on
the outphasing angle [8], degrading linearity if load-sensitive
amplifiers are used [9], [10], but can help to reduce the power
dissipation for small output amplitudes and improve the back-
off efficiency [6]. As shown in [11]–[20], Class-D and Class-
F amplifiers with non-isolating combiners can provide good
linearity.

Unless the amplifier stages, and signal paths, are identical,
the amplifiers will experience gain and phase imbalances,
creating nonlinearities and spectral distortion [5], [21], [22].
Earlier predistortion methods of RF PAs include model-
based predistorters using model structures such as Volterra
series [23], [24], parallel Hammerstein structures [25], or look-
up tables (LUT) [26], which also can be made adaptive [27],
[28].

With the increased interest in linearized switched ampli-
fiers like the outphasing amplifier, it is necessary to find
suitable amplifier models and predistortion methods. Phase-
predistortion was evaluated for Chireix combiners in simu-
lations and by using signal generators in measurements (no
PA was used) in [5]. To compensate for the gain mismatch,
earlier proposed predistorters changed the input signal ampli-
tudes when linear amplifiers were used [29]–[31], or included
adjustments of the voltage supplies in the output stage [8], [9].
In [16], an amplifier model and predistorter were proposed to
compensate for amplitude and phase mismatches by changing
only the phases of the two input outphasing signals, evaluated
for uplink signals with PAPR of ∼3.5 dB applied to a +10 dBm
amplifier. A similar approach was used in [32], where an
implementation of an all-digital Signal Component Separator
(SCS) with branch mismatch compensation was presented.

This paper presents a model-based phase-only predistortion
method suitable for outphasing RF PAs. The predistortion
method is based on a model of the amplifier with a constant
gain factor and phase rotation for each outphasing signal,
and a predistorter with phase rotation only. The predistorter
proposed in this paper compensates for both amplitude and
phase distortion by changing only the phases of the two input
outphasing signals. By making use of the specific structure
of outphasing PAs, the model estimation can be reformu-
lated from a nonconvex problem into a convex least-squares
problem, and the predistorter can be calculated analytically,
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(a)

(b)

Fig. 1. (a) Outphasing concept and signal decomposition. (b) Ideal power
combining of the two constant-envelope signals, where the amplitude of the
output is normalized to 1.

thus making iterations like in [16] unnecessary. In [32], a
continuous feedback was used to correct for the amplitude
and phase mismatches. The method proposed in this paper
is based on a nonlinear amplifier model and predistorter
estimated from measured IQ data, not utilizing any continuous
feedback loop. The proposed predistortion method has been
used for WCDMA and LTE uplink signals with PAPR of
3.5 dB and 6.2 dB, respectively, applied to a fully integrated
+30 dBm Class-D outphasing RF PA in 65nm CMOS [15].
The predistortion method was applied at the baseband level
and has not been implemented in hardware. The evaluation
criterion of the predistortion method is based on the measured
ACLR, as Error Vector Magnitude (EVM) requirements were
easily met without predistortion [15].

The outline of the paper is as follows. In Section II, the
outphasing concept is explained mathematically. In Section III,
the phase predistortion method is described. The PA used in
the measurements is described in Section IV. In Section V, the
measured RF performance and the performance for modulated
signals with and without phase-predistortion are presented. In
Section VI, the conclusions are provided.

II. OUTPHASING CONCEPT

The outphasing concept is shown in Fig. 1(a), where a non-
constant envelope-modulated signal

s(t) = r(t)ejα(t) = rmaxcos(ϕ(t))ejα(t), 0 ≤ r(t) ≤ rmax (1)

where rmax is a real-valued constant, is used to create two
constant-envelope signals, s1(t) and s2(t), in the SCS in
Fig. 1(b) as

s1(t) = s(t) + e(t) = rmaxe
jα(t)ejϕ(t)

s2(t) = s(t)− e(t) = rmaxe
jα(t)e−jϕ(t) (2)

e(t) = js(t)

√
r2

max

r2(t)
− 1.

The signals s1(t) and s2(t), contain the original signal, s(t),
and a quadrature signal, e(t), and are suitably amplified by

(a)

(b)

Fig. 2. A schematic picture of (a) the amplifier branches setup and (b) the
amplifiers with predistorters. Note that the functions fk and hk , k = 1, 2, are
not functions of the input to the block only but are used to show the general
functionality of the PA and the DPD with the separation of the two branches.

(a) (b)

Fig. 3. (a) Decomposition of the input signal s(t) into s1(t) and s2(t)
when g1 = g2 = g0 = 0.5 and into s̃1(t) and s̃2(t) when decomposed as
in (15) with nonidentical gain factors g1 and g2. (b) Trigonometric view of
the decomposition of s(t) using nonidentical gain factors. Note that |s̃k| =
gk, k = 1, 2.

switched amplifiers like Class-D/E. By separately amplifying
the two constant-envelope signals and combining the outputs
of the two individual amplifiers as in Fig. 1(b), the output
signal is an amplified replica of the input signal. In the sequel,
PA refers to the complete outphasing amplifier and amplifier
refers to the switched amplifiers A1 and A2.

Letting g1 and g2 denote two positive real valued gain
factors, on s1(t) and s2(t), and δ denote a phase mismatch in
the path for s1(t), then it is clear from

y(t) = g1e
jδs1(t) + g2s2(t)

= [g1e
jδ + g2]s(t) + [g1e

jδ − g2]e(t), (3)

that besides the amplified signal, a part of the quadrature
signal remains. As the bandwidth of the quadrature signal is
larger than the original signal, s(t), the ACLR is degraded
and the margins to the spectral mask are reduced, unless it is
canceled in the power combiner [5], [21]. The phase and gain
mismatches between s1(t) and s2(t) must be minimized in
order not to allow a residual quadrature component to distort
the spectrum or limit the Dynamic Range (DR)

cDR = 20 log10

(
max(|y(t)|)
min(|y(t)|)

)
= 20 log10

(
|g1 + g2|
|g1 − g2|

)
(4)

of the PA [5]. While the DR defines the ratio of the maximum
and minimum output amplitudes the PA can achieve, all



3

amplitudes and phases within the DR can be reached by
changing the phases of the outphasing signals. As the output
of a Class-D stage can be considered as an ideal voltage source
whose output voltage is independent of the load [17], i.e.
the output is connected to either VDD or GND, the constant
gain approximations g1 and g2 are appropriate and make
Class-D amplifiers suitable for non-isolating combiners like
transformers [11]–[16].

III. PREDISTORTION

A physical outphasing PA differs from the ideal PA in more
ways than the constant gain and phase mismatches described
in the previous section. Initial tests with the PA have shown
a phase distortion on the output that seems to depend on
the amplitude of the input s(t). Based on this observation,
a mathematical description of the physical outphasing PA has
been formulated and a digital predistorter (DPD) has been
proposed. Since it is desired that the predistorter should invert
all effects of the PA except for the gain, the signals are
assumed to be normalized such that

max
t
|s(t)| = max

t
|y(t)| = 1. (5)

Despite the fact that the PA is analog and the baseband
model is time-discrete, the notation t is used for indicating
the dependency of time. Based on the context, t may thus
be a continuous or discrete quantity and denote the time or
the time indexation. For notational convenience, the explicit
dependency on time will be omitted in parts of this section.

A. PA and DPD description

Let
∆ψ(s1, s2) = arg(s1)− arg(s2) (6)

denote the phase difference of the outphasing signals s1(t)
and s2(t). Since the amplitude of the nondecomposed signal
in the outphasing system is determined by ∆ψ(s1, s2), this
difference can be used instead of the actual amplitude in many
cases. For notational convenience, ∆ψ will be used instead of
∆ψ(s1, s2), unless specified otherwise. Here, all phases are
assumed unwrapped.

Based on the observation that there seems to be an
amplitude-dependent phase distortion, it seems reasonable to
assume that the output signals yk(t), k = 1, 2, from the two
amplifier branches can be written

yk(t) = gke
j fk(∆ψ)sk(t), k = 1, 2, (7a)

y(t) = y1(t) + y2(t), (7b)

in case there is no DPD in the system as in Fig. 2(a). Here,
f1 and f2 are two real-valued functions describing the phase
distortion

arg(yk)− arg(sk) = fk(∆ψ), k = 1, 2, (8)

in each signal path. Furthermore, g1 and g2 are the gain factors
in each amplifier branch. The normalization (5) implies that

g1 + g2 = 1. (9)

Hence, an ideal PA would have f1 = f2 = 0 and g1 = g2 =
g0 = 0.5 and any deviations from these values will cause
non-linearities in the output signal and spectral distortion as
previously concluded. In order to compensate for these effects,
a DPD can be used to modify the input outphasing signals,
i.e. s1(t) and s2(t), to the two amplifier branches.

Since the outputs of the Class-D stages have constant
envelopes, the DPD may only change the phase characteristics
of the two input outphasing signals. With this in mind, a DPD
that produces the predistorted signals

sk,P (t) = ej hk(∆ψ)sk(t), k = 1, 2, (10)

to the two amplifier branches can be proposed. Here, h1 and
h2 are two-real-valued functions that depend on the phase
difference between the two signal paths. By modifying the
signals in each branch using the DPD in (10) as shown in
Fig. 2(b), the PA output yP (t) can be written

yP = g1e
j f1(∆ψ(s1,P ,s2,P ))s1,P︸ ︷︷ ︸

∆
=y1,P

+ g2e
j f2(∆ψ(s1,P ,s2,P ))s2,P︸ ︷︷ ︸

∆
=y2,P

.

(11)
The phase difference between the two paths after the predis-
torters is described by

∆ψ(s1,P , s2,P ) = arg(s1,P )− arg(s2,P )

= [arg(s1) + h1(∆ψ)]

− [arg(s2) + h2(∆ψ)]

= ∆ψ + h1(∆ψ)− h2(∆ψ)
∆
= h̃(∆ψ) (12)

and the phase difference between the two paths at the (predis-
torted) outputs by

∆ψ(y1,P , y2,P ) = arg(y1,P )− arg(y2,P ) =

= [arg(s1,P ) + f1(∆ψ(s1,P , s2,P ))]

− [arg(s2,P ) + f2(∆ψ(s1,P , s2,P ))]

=
[
arg(s1) + h1(∆ψ) + f1(h̃(∆ψ))

]
−
[
arg(s2) + h2(∆ψ) + f2(h̃(∆ψ))

]
= ∆ψ + h1(∆ψ)− h2(∆ψ)

+ f1(h̃(∆ψ))− f2(h̃(∆ψ))

= h̃(∆ψ) + f1(h̃(∆ψ))− f2(h̃(∆ψ))
∆
= f̃(h̃(∆ψ)). (13)

Thus, the absolute phase change in each branch is given by

arg(yk,P ) = arg(sk) + hk(∆ψ) + fk(∆ψ(s1,P , s2,P )) (14)

for k = 1, 2.

B. The ideal DPD

As mentioned above, the PA output signal y(t) is a distorted
version of the input signal. An ideal DPD should compensate
for this distortion and result in a normalized output signal
yP (t) = y1,P (t) + y2,P (t) that is equal to the input signal
s(t) = 0.5s1(t) + 0.5s2(t). In the ideal case when g1 = g2 =
g0 = 0.5, this is obtained when y1(t) = 0.5s1(t) and y2(t) =
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0.5s2(t). However, this is not possible to achieve when gk 6=
0.5, k = 1, 2.

In this case, the ideal values for y1,P (t) and y2,P (t) are
instead s̃1(t) and s̃2(t), respectively. These signals define an
alternative decomposition of s(t) such that

s̃1(t) + s̃2(t) = s(t), (15a)
|s̃k| = gk, k = 1, 2, and (15b)
arg(s̃1) ≥ arg(s̃2). (15c)

Given g1, g2 = 1 − g1 and s(t), the signals s̃1(t) and s̃2(t)
can be computed from (15). Let

b1 = arg(s̃1)− arg(s)

and
b2 = arg(s)− arg(s̃2)

denote the angles between the decomposed signals and s(t)
as shown in Fig. 3(a). Fig. 3(b) shows that the decomposition
can be viewed as a trigonometric problem and application of
the law of cosines gives

g2
2 = g2

1 + |s|2 − 2g1|s| cos(b1) (16)

and
g2

1 = g2
2 + |s|2 − 2g2|s| cos(b2). (17)

The angles b1 and b2 that define s̃1(t) and s̃2(t) can be com-
puted from these expressions and can be viewed as functions
of ∆ψ since |s| is a function of ∆ψ . This implies that the
angles

ξ1(∆ψ)
∆
= arg(s̃1)− arg(s1) = b1 −

1

2
∆ψ (18)

and
ξ2(∆ψ)

∆
= arg(s̃2)− arg(s2) =

1

2
∆ψ − b2 (19)

also can be viewed as functions of ∆ψ .
Assume that an ideal DPD (10) is used together with the

PA (7). In this case, the equalities

y1,P (t) = s̃1(t) (20)

and
y2,P (t) = s̃2(t) (21)

hold, which result in

yP (t) = y1,P (t) + y2,P (t) = s̃1(t) + s̃2(t) = s(t).

In particular, in order not to change the amplitude at the output,
the phase difference between y1,P (t) and y2,P (t) must be
equal to the one between s̃1(t) and s̃2(t), i.e.,

∆ψ(y1,P , y2,P ) = arg(s̃1)− arg(s̃2) =

= [arg(s1) + ξ1(∆ψ)]− [arg(s2) + ξ2(∆ψ)]

= ∆ψ + ξ1(∆ψ)− ξ2(∆ψ)
∆
= ξ̃(∆ψ). (22)

Hence, inserting (22) into (13) gives

f̃(h̃(∆ψ)) = ξ̃(∆ψ) ⇔ h̃(∆ψ) = f̃−1(ξ̃(∆ψ)), (23)

assuming that f̃ is invertible. Furthermore, for (20) and (21)
to hold, we require

arg(yk,P ) = arg(s̃k), k = 1, 2.

Combined with (12), (14) and (18) or (19), respectively, this
gives

arg(sk)+hk(∆ψ)+fk(h̃(∆ψ)) = arg(sk)+ξk(∆ψ), k = 1, 2,

which results in

hk(∆ψ) = −fk(h̃(∆ψ)) + ξk(∆ψ)

= −fk(f̃−1(ξ̃(∆ψ))) + ξk(∆ψ) (24)

for k = 1, 2. Here, (23) has been used in the last equality.
Hence, using the predistorters (24) as in (10), the output

y(t) will be an amplified replica of the input signal s(t).

C. A DPD estimator

The ideal predistorter requires the unknown characteristics
g1, g2, f1 and f2 of the PA, which have to be estimated from
a sequence of input and output measurements referred to as
estimation data. In [16], a model of the PA was estimated by
minimizing a quadratic cost function measuring the difference
between the measured and predicted output signal. Based
on this model, the DPD was estimated in a second step by
minimizing a similar cost function measuring the difference
between s(t) and the predicted, precompensated output yP (t).
Both these estimation problems involve solving a nonconvex
optimization problem, which might be a challenging task due
to the presence of local minima. However, using the mathe-
matical characterization of the DPD and PA derived here, there
is an alternative way which essentially only involves solving
standard least-squares problems.

Consider first the two gain factors g1 and g2 = 1−g1, where
the relation between them comes from the normalization (5).
Let

g1 = g0 + ∆g,

g2 = g0 −∆g, (25)

where ∆g represents the gain imbalance between the amplifier
stages and g0 = 0.5. Inserting (25) into (4) gives

cDR = 20 log10

(
g0

∆g

)
. (26)

Hence, the imbalance term ∆g can be computed as

∆g = g0 · 10−cDR/20, (27)

making it possible to find approximations of g1 and g2 from
the dynamic range of the output signal. The value of cDR
can be estimated from measurements as the ratio between the
maximum and minimum output amplitudes. The estimate is
noise sensitive, but this can be handled by averaging multiple
realizations. These approximations are valid for input signals
with large peak to minimum power ratios, like WCDMA and
LTE, where the PA generate an output signal including its peak
and minimum output amplitudes (i.e. its full dynamic range).
If this is not fulfilled or the noise influence is too large, an
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alternative to this approach is to evaluate a range of values of
g1 and g2 = 1− g1 and then solve the PA modeling problem
for each pair of gain factors.

When the gain factors have been determined, s(t) can
be decomposed into s̃1(t) and s̃2(t) using (16) and (17).
The output signal y(t) can be decomposed into y1(t) and
y2(t) in the same way. Furthermore, the standard outphasing
decomposition of s(t) into s1(t) and s2(t) as in (2) will be
used in the sequel.

The phase distortion in each signal path caused by the
amplifiers can then be modeled from measurements of s(t)
and y(t). Here, polynomials

p(ηk,∆ψ) =
n∑
i=0

ηk,i∆
i
ψ, k = 1, 2, (28)

have been used as parameterized versions of the functions
fk, motivated by the Stone-Weierstrass theorem (Theorem
7.26 [33]). Estimates η̂k,i of the model parameters ηk,i have
been computed by minimizing quadratic cost functions, i.e.,

η̂k = arg min
ηk

Vk(ηk), k = 1, 2, (29)

where

Vk(ηk)

=
N∑
t=1

(arg(yk(t))− arg(sk(t))− p(ηk,∆ψ(s1(t), s2(t))))2,

(30)

and
ηk =

(
ηk,0 ηk,1 . . . ηk,n

)T
.

The cost function (30) can be motivated by the fact that the
true functions fk satisfy (8) when the amplifier is described
by (7). Minimization of V1 and V2 are standard least-squares
problems, which guarantees that the global minimum will be
found [34].

The parameter estimates η̂k define function estimates

f̂k(z) = p(η̂k, z), k = 1, 2,

from which an estimate
ˆ̃
f(z) = z + f̂1(z)− f̂2(z)

of the function f̃ from (13) can be computed. Provided that
this function can be inverted numerically, estimates ĥk of the
ideal phase correction functions can be computed as in (24),
i.e.,

ĥk(∆ψ) = −f̂k(
ˆ̃
f−1(ξ̃(∆ψ))) + ξk(∆ψ) (31)

for k = 1, 2, where ∆ψ is given by (6) and ξ̃, ξ1 and ξ2
by (22), (18) and (19), respectively.

Hence, the complete DPD estimator consists of the two
least-squares estimators given by (29), a numerical function
inversion in order to obtain ˆ̃

f−1 and the expressions for the
phase correction functions in (31). This can either be done at
each point in time, or (as has been done here) by evaluating
the function for the range of possible ∆ψ and saving this
nonparametric, piecewise constant function.

Fig. 4. The implemented Class-D outphasing RF PA using two transformers
to combine the outputs of four amplifier stages. Chip photo in [15].

(a) (b)

Fig. 5. (a) The Class-D stage used in the outphasing PA [15]. C1-C4 are
MIM capacitors. (b) Off-chip biasing resistors, R and Ri.

The DPD estimator will result in two functions ĥ1 and ĥ2

which take ∆ψ as input, and by using these as in (10), the
predistorted input signals s1,P (t) and s2,P (t) can be calculated
for a second data set, validation data, and applied to the PA.
The measured results are presented in Section V.

IV. IMPLEMENTATION OF THE CLASS-D
OUTPHASING RF PA

Fig. 4 shows the implemented outphasing PA, based on a
Class-D stage utilizing a cascode configuration illustrated in
Fig. 5(a). The output stage is driven by an AC-coupled low-
voltage driver operating at 1.3 V, VDD1, to allow a 5.5 V, VDD2,
supply without excessive device voltage stress as discussed
in [14], [15]. By driving all transistors in the cascode con-
figuration it is possible to achieve a low on-resistance in the
on-state, and distribute the voltage stress on the devices in
the off-state, making sure that the root mean square (rms)
electric fields across the gate oxide is kept low to improve
the life-time of the transistors [36]. This enables the use of a
high supply voltage in the output stage to achieve an output
power of +30 dBm [14], [15]. The four amplifier outputs are
combined using two transformers, TR1 and TR2, where s+

1 (t)
and s−2 (t), and s−1 (t) and s+

2 (t), are connected as described
in [6]. On-chip resistors were used for an equivalent input
impedance of 50 Ω at the chip edge for each of the RF inputs
(s+

1 (t), s−1 (t), s+
2 (t), and s−2 (t)). The chip photo of the PA

implemented in a 65nm CMOS process is available in [15].
The chip was attached to an FR4 PCB and connected with
bond-wires.
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(a)

(b)

Fig. 6. Measured Pout, DE, and PAE for VDD1 = 1.3 V and VDD2 = 5.5 V (a)
over carrier frequency, and (b) over outphasing angle, ϕ, at 1.95 GHz [15].

Fig. 7. Measurement setup for IQ data with two Master-Slave-configured
SMBV signal generators [35].

V. MEASUREMENT RESULTS

A. Measured RF Performance

Fig. 6(a) and Fig. 6(b) show the measured output power
(Pout), drain efficiency (DE), and power-added efficiency
(PAE) over frequency and outphasing angle, ϕ in (2), for
VDD1 = 1.3 V and VDD2 = 5.5 V for the amplifier only. The
predistortion method has not been implemented in hardware.
At 1.95 GHz, the output power was +29.7 dBm with a PAE of
26.6 % (including all drivers). The PA had a peak to minimum
power ratio of ∼35 dB. The gain was 26 dB from the drivers
to the output. The DC power consumption of the smallest
drivers was considered as input power. The performance of

TABLE I
COMPARISON OF CMOS CLASS-D RF PAS - PEAK VALUES

Pout VDD DE PAE f Tech. BW
Ref., Year [dBm] [V] [%] [%] [GHz] [nm] [GHz]
[37] 2008 +20.0 2.4 - 38.5 2.40 90 0.3b

[19] 2007 +20.0 1.8 61.0 42.0 0.80 180 -
[20] 2010 +21.6 1.9 64.0 52.0 1.92 130 0.3a

[38] 2010 +21.8 1.0 - 44.2 2.25 65 1.0a

[12] 2010 +25.1 2.0 - 40.6 2.40 32 1.0a

[39] 2011 +25.2 2.5 - 55.2 2.25 90 1.0b

[6] 2011 +25.3 2.0 - 35.0 2.40 32 1.0b

[40] 2009 +28.1 2.4 - 19.7 2.25 45 0.6b

[15] 2011 +29.7 5.5 30.2 26.6 1.95 65 1.6b
This PA
[11] 2011 +31.5 2.4 - 27.0 2.40 45 1.7b

[14] 2011 +32.0 5.5 20.1 15.3 1.85 130 0.9b

(a) 1 dB and (b) 3 dB bandwidth (BW)

TABLE II
DATA COLLECTION

Standard Nid Nval fs fs,out K
WCDMA 100 000 100 000 92.1 MHz 92.1 MHz 10

LTE 100 000 100 000 92.1 MHz 92.1 MHz 10

the PA used in the measurements, denoted ‘This PA’, can be
put in the context of published Class-D PAs as listed in Table I,
sorted with regard to their output power.

B. Measured Performance of Modulated Signals

The PAPR of the WCDMA and LTE uplink signals were
3.5 dB and 6.2 dB, respectively. The spectrum of the estimation
data sets are shown in Fig. 10(c) and Fig. 11(c). Two R&S
SMBV100A signal generators with phase-coherent RF outputs
and arbitrary waveform generators with maximum IQ sample
rate of 150 MHz, where s1(t) and s2(t) were stored, were
used in the measurements. Fig. 7 shows the measurement
setup. For the measurements without predistortion, the phase
offset between s1(t) and s2(t) in the baseband was adjusted to
minimize phase mismatch (ideally 0 ◦ between non-modulated
s1(t) and s2(t), i.e. maximum output power for a continuous
signal). Moreover, the IQ delay between the signal generators
was adjusted for optimal performance [35].

Measurements with two amplitude-matched signal gener-
ators, i.e. g1 = g2 = g0 = 0.5, show that phase errors of 12 ◦

and 7.5 ◦ are acceptable for WCDMA and LTE to meet
the ACLR requirements. Thus, a predistortion implementation
would require a phase resolution of at least 6 bits, i.e. 360 ◦/26

= 5.63 ◦. For each bit of increased phase resolution, the ACLR
improves by ∼3 dB.

The estimation and validation data sets contain Nid and
Nval samples, respectively. The input and output sampling
frequencies are denoted fs and fs,out, respectively. To minimize
the influence of measurement noise, the signals were measured
K times, and a mean was calculated. The data collection
parameters are shown in Table II.

An evaluation of the predistorter estimation can be seen in
Fig. 8, for a model using the LTE input signal with polynomial
degree n = 5. Here and in all following experiments, the
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(a)

(b)

Fig. 8. Simulated predistorter evaluation for a model with polynomial
degree n = 5 using the LTE input signal. The signals are generated using
the PA model and the DPD estimator. (a) The deviation from the ideal
phase difference without predistortion, y, and with predistortion, yP . (b) The
deviations from the ideal phase of the signals y1 and y2 without predistortion
and with predistortion, y1,P and y2,P .

DPD estimates ĥk, k = 1, 2, have been calculated for 3142
uniformly distributed points. Ideally, the deviations from the
ideal phase difference and the ideal phases in each branch
should be zero, and (providing the PA model is good enough)
it is clear that the predistorters reduce these deviations. Fig. 9
show the measured AM/AM and AM/PM characteristics with
DPD and without DPD for the LTE signal. The figure shows
that the amplitude and phase errors are significantly reduced
for small output amplitudes. The performance was similar for
the WCDMA measurements.

For the WCDMA signal at 1.95 GHz without predistortion,
the measured ACLR at 5 MHz and 10 MHz offsets were
-35.5 dBc and -48.1 dBc, respectively. The spectrum is shown
in Fig. 10(a). The estimation output data y(t) were used in the
predistortion method to extract the model parameters, with
n = 5. The predistorted input signals, s1,P (t) and s2,P (t),
were computed for the validation input signal, resulting in an
output spectrum as shown in Fig. 10(b). The power spectral
densities of the predistorted and the non-predistorted input out-
phasing signals are very similar and therefore not included in
the paper (similarly for the LTE signal). With predistortion, the

(a)

(b)

Fig. 9. (a) Measured AM/AM characteristics with DPD (black) and without
DPD (grey) for LTE signal. (b) Measured AM/PM characteristics with DPD
(black) and without DPD (grey) for LTE signal.

measured ACLR at 5 MHz and 10 MHz offsets were -46.3 dBc
and -55.6 dBc, respectively. Thus, the measured ACLR at
5 MHz and at 10 MHz offsets were improved by 10.8 dB
and 7.5 dB, respectively. The average power at 1.95 GHz was
+26.0 dBm with 16.5 % PAE.

The receiver noise floor before and after predistortion,
assuming a 45 MHz offset, was -127 dBc/Hz. Using two ampli-
tude and phase matched signal generators with the outphasing
signals, the noise level is the same. Thus, the noise level is
limited by the signal generators, not the outphasing amplifier.
The phase noise of a single signal generator was -140 dBc/Hz
for a sinousoidal signal.

For the LTE signal at 1.95 GHz without predistortion, the
measured ACLR at 5 MHz offset was -34.1 dBc. The spectrum
is shown in Fig. 11(a). The estimation output data y(t)
were used in the predistortion method to extract the model
parameters with n = 5. The predistorted input signals, s1,P (t)
and s2,P (t), were computed for the validation input signal,
resulting in an output spectrum as shown in Fig. 11(b). With
the predistorted spectrum in Fig. 11(b), a small assymetry can
be observed, which was expected due to the non-symmetrical
frequency spectrum of the reference signal. With predistortion,
the measured ACLR at 5 MHz offset was -43.5 dBc. Thus, the
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Fig. 10. Measured WCDMA spectrum at 1.95 GHz.
(a) Measured WCDMA spectrum without DPD. The measured ACLR is
printed in grey.
(b) When DPD is applied to (a). The measured ACLR is printed in black.
(c) Spectrum of estimation signal. Spectrum of validation signal was similar.

Fig. 11. Measured LTE spectrum at 1.95 GHz.
(a) Measured LTE spectrum without DPD. The measured ACLR is printed in
grey.
(b) When DPD is applied to (a). The measured ACLR is printed in black.
(c) Spectrum of estimation signal. Spectrum of validation signal was similar.

measured ACLR at 5 MHz offset was improved by 9.4 dB. The
average power at 1.95 GHz was +23.3 dBm with 8.0 % PAE.

Fig. 12 shows the measured ACLR over the polynomial
degree n of the PA model for the WCDMA and LTE signals.
For each increase of order, the ACLR is improved by ∼2 dB.
However, making the order larger than 5 does not improve
ACLR any further.

The measured performance of the PA for modulated signals
is summarized in Table III. The table shows measured ACLR
with DPD (W DPD), without DPD (W/o DPD), and the
required (Req) ACLR for the WCDMA [41] and the LTE [42]
standards. In measurements at 1.95 GHz, the DPD proved to
be successful and improved the WCDMA ACLR at 5 MHz
and 10 MHz offsets by 10.8 dB and 7.5 dB, respectively. The
LTE ACLR at 5 MHz offset was improved by 9.4 dB. Thus, the
predistortion method improves the measured ACLR to have at
least 12.6 dB of margin to the requirements [41], [42]. The
measured ACLR at 5 MHz is comparable to state-of-the-art
WCDMA [43], [44] transceivers.

Assuming a PA with 35 dB of dynamic range (neglecting

Fig. 12. Measured ACLR depending on the polynomial degree n of the PA
model. Degree = 0 represents the performance without predistortion.

TABLE III
MEASURED SPECTRAL PERFORMANCE AT 1.95 GHZ FOR WCDMA AND

LTE UPLINK SIGNALS WITH PREDISTORTION (USING n = 5) AND
WITHOUT.

Standard Measured Parameter W DPD W/o DPD Req
WCDMA ACLR @ 5 MHz [dBc] -46.3 -35.5 -33

ACLR @ 10 MHz [dBc] -55.6 -48.1 -43
LTE ACLR @ 5 MHz [dBc] -43.5 -34.1 -30

EVM requirements were easily met without predistortion for the WCDMA
signal and an LTE signal (20 MHz, 16-QAM) without predistortion [15].

phase distortions), i.e. assuming g1 = 0.509 and g2 = 0.491,
and a polynomial degree of n = 5, the computed achievable
ACLR at 5 MHz and 10 MHz is ∼3 dB better compared to the
measurements with the WCDMA signal. Similarly, the com-
puted achievable ACLR at 5 MHz is ∼2 dB better compared
to the measurements with the LTE signal.

VI. CONCLUSIONS

This paper presents a model-based phase-only predistortion
method suitable for outphasing RF PAs. The model estimation
can be reformulated from a nonconvex problem into a convex
least-squares problem, and the predistorter can be calculated
analytically. The predistortion method has been applied at
the signal generation level in the baseband, and it has been
used for WCDMA and LTE uplink signals applied to a
fully integrated +30 dBm Class-D outphasing RF PA in 65nm
CMOS. In measurements at 1.95 GHz, the DPD proved to be
successful and improved the WCDMA ACLR at 5 MHz and
10 MHz offsets by 10.8 dB and 7.5 dB, respectively. The LTE
ACLR at 5 MHz offset was improved by 9.4 dB.
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